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Abstract

Recently, there has been a proliferation of wireless devices and services. These
services have evolved from simple paging functions to voice applications (i.e., cellular
telephony). One system that is poised to make an impact in the wireless arena is
the Global Positioning System (GPS). In addition to position information, GPS also
provides an accurate time reference. Both types of information are valuable not only

to a mobile user, but also in the design and operation of other wireless systems.

The work in this dissertation is part of a complete front-end for a GPS receiver
that was fabricated in a 0.5um CMOS process. The focus of this project is on
CMOS hardware techniques that are low power and suitable for radio-frequency
integrated circuits. Thus, not only are the architectures that we present well-suited
for a GPS receiver, they are also applicable to other systems that require low-power,
radio-frequency circuits. The two front-end functions highlighted in this work are

frequency conversion and synthesis.

The CMOS voltage mixer takes advantage of good voltage switches in the form
of CMOS transistors, as well as the mixer’s integrated environment. This voltage-
domain passive mixer operates on a negligible amount of power, while achieving noise
figures that are lower than any alternative CMOS mixer architecture. It additionally

possesses excellent linearity.

The new phase-locked loop (PLL) architecture synthesizes a gigahertz local oscil-
lator (LO) from a low-frequency reference without using a divide-by-N block in the
PLL’s feedback loop. In doing so, the power consumption of the loop is substantially
lower than that of conventional techniques. The power consumption can be reduced
even further if a power-efficient voltage-controlled oscillator (VCO) is used. A fur-

ther benefit of removing the divider is the reduction of on-chip interference caused
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by the divider’s large high-speed transitions. The tradeoff with this architecture
is greater acquisition complexity in exchange for the lower power consumption and

reduced interference in lock.
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Chapter 1
Introduction

N the last 15 years, there has been renewed interest in wireless applications [1].
IThe popularity of cellular telephones, pagers, and cordless telephones has sparked
manufacturers to enter additional wireless markets. Currently, wireless local-area
networks (LANs) for data communications are being deployed. Furthermore, new
spectrum is being allocated around 2.5GHz and between 5-6GHz for wireless sys-
tems, and many new applications are being proposed (e.g., wireless computer pe-
ripherals). But to accomplish these objectives of wireless connectivity, wireless
transceivers are needed.

Let us take a step back from all the activity just described, and investigate
the frequencies suitable for wireless transceivers. When we account for antenna
physics and the radio propagation environment a working frequency range spanning
400MHz to 10GHz is found, with a broad optimum in the range of 500MHz to 1GHz
[2]. Notice a correlation between new frequency allocations, given in the preceding
paragraph, and the suitable frequencies identified in this paragraph.

Frequencies in the gigahertz range were thought to be the stronghold of GaAs
technologies, so people believed that realization of the wireless transceiver’s radio-
frequency (RF) circuits in an integrated circuit (IC) required using these same GaAs
technologies [3]. Recently however, less expensive SiGe, silicon bipolar, and BICMOS
technologies have been challenging this belief [4], especially for 900MHz applications.

Because we recognize this trend, one of our goals in this dissertation is to demonstrate

1



2 Chapter 1: Introduction

CMOS technology’s viability for RFICs. The benefits of using CMOS are in the areas
of cost and integration, which are discussed more in Chapter 2.

Because one goal of this work is to demonstrate CMOS’s viability for RFICs
and hence for single-chip radios, it is important to show that high-performance
RF circuits can be designed in CMOS. These circuits include low-noise amplifiers
(LNAs), power amplifiers (PAs), mixers, and voltage-controlled oscillators (VCOs).
Once these blocks have been produced, the wireless transceiver’s complete analog
circuitry can be designed in CMOS to produce a single-chip radio.

This work presents a CMOS mixer and frequency synthesizer. These designs
were combined with other blocks, as part of a joint project, to produce the radio
for a Global Positioning System (GPS) receiver [5]. The radio demonstrates a low-
power, highly-integrated CMOS solution, and since GPS operates near 1.6GHz, it
lends credibility for choosing CMOS for other applications in this frequency range.

The architectures for both the mixer and synthesizer are new and exploit CMOS
technology, as well as the integrated environment. The primary benefit of these
architectures is reduced power consumption, which is critical in portable electronics
where battery life is of fundamental concern. While the architectures are used here

specifically for GPS, they are applicable in general.

1.1 Organization

Chapter 2 discusses radio integration. Its purpose is to show that CMOS technology
is suitable for the implementation of a single-chip radio. A specific system is selected
as a test vehicle: a GPS coarse-acquisition (C/A) code radio. Therefore, Chapter 3
provides background on GPS, and elucidates important GPS receiver requirements.
Chapter 3 concludes with the radio’s architecture and highlights the portions of that
architecture contained in this thesis.

Chapter 4 treats CMOS mixers. It begins by presenting the performance metrics
used to evaluate mixers, and then uses the metrics to compare recently published
implementations. From this comparison, the CMOS voltage mixer is determined to

be the right mixer for the GPS radio application at hand. From this point, Chapter 4



1.1: Organization 3

focuses exclusively on the voltage mixer, examining the topics of local oscillator (LO)
drive, conversion gain, noise figure, and linearity. Chapter 5 complements Chapter 4
by documenting the design of two experimental CMOS voltage mixers, including
the design for the radio’s mixer. Chapter 5 also provides experimental data on the
voltage mixer. Relevant calculations and simulations are included.

Chapter 6 presents a method for frequency synthesis that is phase-locked loop
(PLL) based, except that a divider is not necessary in the loop’s feedback path.
Dividerless frequency synthesis is accomplished with a new phase detector, called
the aperture phase detector (APD). The APD’s function in a PLL is mathematically
described and its ideal input/output characteristic is found. Behavior specific to
an APD PLL is also presented. Similar to the relationship between Chapter 4
and Chapter 5, Chapter 7 complements Chapter 6 by documenting the design of
an experimental APD PLL. Relevant simulations and loop modeling are included.
Chapter 7 also contains a record of the measured data taken from tests on the APD
PLL. Verification of the theory presented in Chapter 6 is provided by the measured
data in Chapter 7.
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Chapter 2
Radio Integration

HE holy grail for CMOS RF circuit designers is a single-chip CMOS transceiver.
T A modern transceiver is composed of two parts: the radio and the baseband
processor, most often a digital signal processing (DSP) engine. CMOS is the only
technology that can entertain this goal, because it is the undisputed choice for DSP.
But before a single-chip transceiver is made, we consider an intermediate goal first:
a single-chip CMOS radio. Once this challenge is achieved, the mixed-signal inter-
ference issue between digital circuits and sensitive RF circuits can be addressed to

integrate radio and digital processing functions in a single IC.

2.1 A Personal Handyphone System (PHS) Radio

Figure 2.1 [6] is a simplified block diagram of a PHS radio. It is typical of a modern
gigahertz radio. In addition to identifying the radio’s blocks, Figure 2.1 also indi-
cates the technologies used to fabricate the blocks'. In this case, the design leverages
the benefits of three technologies: GaAs MESFET, bipolar, and BiCMOS technolo-
gies. GaAs MESFET technology is used for high-frequency blocks near the antenna
(such as the LNA and PA), bipolar technology is used for the frequency conversion

and frequency synthesis portions of the radio, and BiCMOS is used in subsequent

!Figure 2.1 also shows some discrete components (i.e., filters) in the radio. There is always an
interest in subsuming these discretes onto an IC.

5



6 Chapter 2: Radio Integration
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Figure 2.1: Simplified block diagram of PHS radio

intermediate frequency (IF) stages [7]. It is easy from technical arguments to justify
this technology mix. GaAs MESFETs currently have the lowest device noise figures

at radio frequencies, hence LNAs made with them will have the lowest noise figures,
1
f
noise corners than their rival FET cousins, and because it has been widely believed

that a device’s % noise corner will dictate the f_13 phase noise corner of a VCO built

assuming all other parameters are the same. Bipolar transistors have much lower

with that device [8], bipolar transistors are chosen for VCOs with stringent phase
noise requirements. Rounding out the myriad technologies, BICMOS proves its use-
fulness at low frequencies where CMOS transistors can be exploited, complemented
by bipolars for potential further downconversion.

Recent research in the field of CMOS RF circuits, coupled with technology scaling
trends, challenges the technology partition just discussed, and motivates a single-chip
CMOS radio. Figure 2.2 [9] clearly shows that CMOS’s performance is advancing
at a faster rate than any competing technology, and will soon surpass the other
technologies. Furthermore, [10] provides a method for a power-constrained LNA
design to achieve optimum LNA noise figure, and scaling provides monotonically
decreasing LNA noise figures. There have also been fundamental advances in the
1

understanding of oscillator phase noise. The specific mechanism by which device 7

noise turns into phase noise has finally been identified [11]. It is now known that

the phase noise due to device % noise (the f% portion) can be completely eliminated
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Figure 2.3: Communication and information systems

by satisfying certain symmetry properties in the oscillator. Thus, the time appears

right to attempt a single-chip CMOS radio.

2.2 Systems

There are countless systems today for conveying voice, data, and video. Figure 2.3
categorizes these systems. We are primarily interested in systems operating in the
1-10GHz frequency range for demonstrating CMOS’s feasibility. Examples of these
types of systems are cellular telephony, cordless telephony, paging systems, and
wireless data systems (e.g., wide-area networks (WANs), LANs, and GPS). These
systems can be classified into high-tier and low-tier systems [12] based on system
performance and the corresponding technical challenges to meet system guidelines.
For example, cellular telephony is considered a high-tier system, whereas cordless

telephony is a low-tier system. GPS is a low-tier system, but it is the most attractive
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from a research point-of-view, since it only involves a receiver (CMOS PAs have still
not been proven feasible for large transmit powers) and because it allows tremendous

flexibility in architectural choices as well as individual block performance.
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Chapter 3
The Global Positioning System

HE Global Positioning System is a satellite network whose purpose is to allow
T the determination of position and time anywhere in the world. The network
consists of 24 satellites, 4 in each of 6 orbital planes, and became fully operational
at the end of 1994 [13]. Each satellite broadcasts its estimated position and corre-
sponding time, which allows a receiver to determine its range from the satellite. If
the receiver is able to view four satellites, then the receiver can determine its position
(latitude, longitude, and altitude) and time, the latter to atomic-clock precision. If
the receiver happens to have a built-in altimeter so that altitude is known, then only

three satellites need to be used to find the three remaining unknowns.

3.1 Signal Structure

There are two 20MHz wide frequency bands reserved for GPS satellite broadcasts:
the L1 band, centered at 1.57542GHz, and the L2 band, centered at 1.2276GHz.
Each of the 24 satellites transmits across the entire range of both bands. This
broadcast scheme is possible because the signals are direct-sequence spread-spectrum
signals. Direct-sequence spread spectrum is accomplished by multiplying a data
stream (sequence of bits) with a code stream. The code stream uniquely identifies
each satellites data stream making the shared use of the same spectrum possible.
For GPS, a single data bit spans 20,460 code bits.

11
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Figure 3.1: Transmitted GPS signal’s PSD in the L1 band

Each satellite sends two different direct-sequence spread-spectrum signals. One
signal is intended for military use only and the other is provided for civilian use. The
military signal is constructed by multiplying the GPS navigation data by the preci-
sion code, or P code for short. The civilian signal multiplies by the coarse-acquisition
code, or C/A code. The GPS navigation data is 50b/s, the P code is 10.23Mb/s,
and the C/A code is 1.023Mb/s. These rates account for the power spectral density
(PSD) shapes of the P-code and C/A-code signals shown in Figure 3.1. Notice that
each code is transmitted in the L1 band. In the L2 band, only the military signal is
transmitted. For this reason, the 3-dimensional rms position accuracy of the P-code
signal is 16m, whereas it is only 22m for the C/A-code signal [13]. Furthermore,
the C/A-code signal’s accuracy can degrade to 72m at the discretion of the system’s
military operators. ! Regardless, we are only interested in the C/A-code signal as
it is the one intended for civilian use. Thus, we orient ourselves to receiving and

processing a signal at 1.57542GHz.

1The purposeful degradation of the C/A-code, referred to as selective availability, will be aban-
doned in the future to assist commercial GPS applications.
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Figure 3.2: PSD of the received GPS signal and noise at the antenna
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Figure 3.2 pictures the received L1 band signal at the antenna. The C/A-code
signal’s received signal power is typically —130dBm, while the noise power over the
20MHz L1 band is ~# —101dBm. But from Figure 3.2, it is clear that most of the
C/A-code signal’s power lies in a 2MHz bandwidth occupied by its mainlobe. By
simply restricting our bandwidth of interest to this 2MHz band (a factor of 10 nar-
rower bandwidth), there is a 10dB improvement in noise power (~ —111dBm). The
bit error rate (BER) of the demodulated 50b/s GPS navigation data is insignifi-
cantly degraded by processing only the C/A code’s mainlobe [14]. But even though
reducing the bandwidth of interest from 20MHz to 2MHz decreases the amount of
noise power, we are still faced with a raw signal-to-noise ratio (SNR) of ~ —19dB

at the antenna.

A negative SNR is still tolerable here because correlation of the received signal
with the right satellite codes causes an increase in signal power over the noise power.
The correlation process allows a GPS navigation bit’s decision to be made after
viewing % code periods, where T, is the navigation data bit period and 7, is the
code bit period. Since the data bit is the same in each code interval, this process
is equivalent to increasing the signal power in one code period by % In contrast,
viewing the noise in ::,F,—‘j code periods does not reinforce the noise power, since noise

is random. Thus, correlation gives rise to a processing gain,

Ty 20ms
Gp = 10logy, (T) ~ 101ogy, (ﬂ) = 43dB, (3.1)
which is approximately 43dB for the C/A code. So, if we have an antenna with
an effective temperature of 290K and a noiseless receiver, then the SNR after the

correlation process will be 24dB.

Unfortunately, of course, our receiver will not be noiseless. Figure 3.3 illustrates
the radio’s contribution to the noise level by showing the GPS signal at the IF after
downconversion and IF processing. The amount of noise introduced by the radio,
quantified by the radio’s noise figure, will subtract from the correlator’s processing

gain. For this reason, it is imperative to keep the radio’s noise figure low.
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Figure 3.3: Effect of GPS radio

The wireless channel’s disparate nature provides further justification for a low-
noise radio. The radio’s noise figure once the radio is designed is constant during
operation, but the signal strength at the antenna can vary significantly due to fading,
urban and real canyons, and other effects unique to wireless channels. Clearly this
spread in received signal power affects the received SNR, so designing a low-noise ra-
dio that minimizes the radio’s constant noise contribution is needed to accommodate

wireless transmission.

3.2 GPS Recelvers

In addition to a low noise figure, we also desire low power consumption. Because
the purpose of GPS is to provide position information, a user’s GPS receiver will
most likely be portable. In any portable device battery life is of paramount concern,
demanding low-power electronics. Thus the design of the GPS radio, containing
the architectures presented in this thesis, focuses on realizing a low-power, low-noise
GPS radio.

Figure 3.4 presents the implemented GPS radio architecture. To address the
need for a low noise figure, the first block in the signal path is a low-noise amplifier
(LNA). This LNA relaxes the noise figure requirements of subsequent blocks in the

chain. In addition, development of new architectures for standard radio functions
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Figure 3.4: GPS radio architecture

addresses the low-power issue. In this case, those functions are frequency conversion
and synthesis.

The corresponding blocks in Figure 3.4 highlight the two architectures discussed
in this thesis. The architecture proposed for the two mixers, which immediately
follow the LNA, has excellent power consumption with an acceptable noise figure.
Each mixer converts its input signal at 1.57542GHz to a low IF of 2.42MHz (for
a more detailed discussion of the low-IF architectural choice refer to [15], which is
complementary to this thesis). This frequency plan requires the LO for each mixer
to be 1.573GHz. Synthesis of this LO has power implications for the radio due
to the high frequency involved. The radio’s power consumption is mitigated by
the architecture developed for the frequency synthesizer, which eliminates a power-

consuming block used in conventional architectures.
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CMOS Mixers

N any heterodyne radio there must be a mixer in the signal path in order to
Iperform frequency conversion to an IF. An LNA, in comparison, is not a funda-
mental component of the signal path, but becomes necessary in most modern radios
to meet noise-figure performance requirements. In fact, because of the dominance
of Armstrong’s superheterodyne architecture since its inception in 1918 [16], one is
almost guaranteed to find a mixer in any high-performance communications receiver.
So, clearly, mixer circuits are of interest to radio engineers. Thus, from discrete to
integrated radios, people have investigated a variety of mixers. Naturally, when a
paradigm shift occurs, innovation in circuit architectures tends to lag behind. Fa-
miliar architectures are mimicked in early work, but then the attributes of the new
medium are exploited, leading to new implementations.

To begin this chapter, we first discuss how to characterize a mixer. This dis-
cussion establishes the basis to make comparisons among different architectures.
Then, with the performance metrics defined, we conduct an examination of recently
published CMOS mixers. The survey ends with this work’s development, the double-
balanced voltage mixer, which takes advantage of the similarity between a CMOS
transistor and a switch, as well as the IC environment by using a capacitive load.
This chapter concludes with a quantitative analysis of the voltage mixer’s conver-
sion gain for different LO drives, and addresses the voltage mixer’s noise figure and

linearity.

17
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4.1 Performance Metrics

In this section, we enumerate and define specifications to assess a mixer’s quality.
This list has the following specifications: power consumption, conversion gain, noise

figure, and linearity.

4.1.1 Power Consumption

Power is explicitly listed to emphasize that it should be kept as small as possible. We
will consider the mixer’s power consumption to include only the power used inside
the mixer. The reason for this choice is simple: the reported power consumption
for published mixers accounts only for the power dissipated in the mixer itself.
Ideally, for a more accurate comparison, the mixer’s power consumption would also
include the portion of the total LO power spent in driving the mixer’s LO port. The
power used in the circuits that generate the LO signal is not included, because the
generation of this signal can be accomplished in a number of ways, and therefore

the accounting should keep it separate.

4.1.2 Conversion Gain

There are two types of conversion gain that can be reported: power conversion gain
and voltage conversion gain. Power conversion gain may be used if the mixer’s IF
port is terminated in a real impedance. In that case, the power conversion gain is
defined to be the power delivered to the load divided by the power available from

the source:

power delivered to the load
Gp = - . (4.1)
power available from the source
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If the IF termination is not a resistance, then one is forced to use voltage conversion
gain, because the average power delivered to the reactive load is zero. It is defined as

the voltage amplitude across the IF port divided by the source voltage amplitude!:

Gy = voltage amplitude across the IF port. (4.2)

source voltage amplitude

The voltage conversion gain can be found from the power conversion gain, in
the case where the IF termination is resistive, through the following exercise. Let
Aprr be the amplitude of a sinusoidal RF source and let Az be the signal amplitude
across the load. Furthermore, let Rs be the source resistance and let Ry be the

resistance at the IF port. Then,

44%,Rs

Gp(dB) = 10log;, —E—2 43
p(dB) 0810 A%FRL ( )
and
A
Gy (dB) = 20log,, ——, (4.4)
ARF

by using the definitions of (4.1) and (4.2). Manipulating (4.3) allows us to express

the power conversion gain in terms of the voltage conversion gain:

2

A R
Gp(dB) = 6 + 10log,, A% + 101log;, R—S
L

RE (4.5)
Rg
Ry
Separating the voltage conversion gain from the other terms yields
Rg
L

Large conversion gain is desirable to minimize the noise impact of subsequent

stages, since a larger conversion gain means that the signal entering the subsequent

1Open circuit.
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stages is stronger compared to the noise levels generated in these later blocks. How-

ever, excessive gain may not be desirable from a linearity viewpoint.

4.1.3 Noise Figure

A block’s noise figure indicates its sensitivity, or the input signal power that makes
the output SNR equal to its minimum acceptable value, SNR,,;,. A block can
be an amplifier, mixer, or filter as in the partitioning of the signal path shown in
Figure 3.4, or it can be increased in scope and taken as the entire signal path. To
see that sensitivity can indeed be found from noise figure, we start with a definition

of noise figure:
NF(dB) = SNR;(dB) — SNR,(dB), (4.7)

where the ¢ subscript denotes input and the o denotes output. Setting SNR, =
SNRin gives

NF(dB) = Si(dBm) — Ny(dBm) — SNR pin. (4.8)

where S; in (4.8) is the input signal power that causes SNR, = SNR,,,, or the
block’s sensitivity, S, and NNV; is the input noise power. Solving for sensitivity results

in
S(dBm) = N;(dBm) + SNR,,;, + NF(dB). (4.9)

From (4.7) it is also clear that noise figure describes the amount of noise introduced
by a block.

Quantifying and accounting for a mixer’s noise contribution, as opposed to an
amplifier or filter, is more complicated, because its output response includes noise
from multiple input frequencies [17]. Typically the signal of interest is contained in
a single sideband, so we are usually interested in the single sideband (SSB) noise

figure. Furthermore, for most superheterodyne radios, the radio design causes the
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Figure 4.1: Single-response mixer

mixer to function as a single-response transducer. That is, the IF output is mainly
due to the RF input. The following mental image for the mixer can be used when
the previous two assumptions hold, and is shown in Figure 4.1. The mixer consists
of an ideal brickwall filter with bandwidth, B, centered at the radio frequency, frr,
followed by an ideal multiplication whose other input is driven with any periodic

function, in general.

At this point, it is informative to work out the SSB noise figure for Figure 4.1’s
mixer. If we drive the mixer by a voltage source with source resistance, Rg, the
signal and noise densities at the source will be as shown in Figure 4.2. The input
SNR is calculated over the bandwidth, B, to be

aaB aq

SNR; = = )
4kT,RsB  4kT,Rgs

(4.10)

where a is a factor between 0 and 1 representing the deviation from the maximum
possible SNR in the bandwidth B, « is the peak signal density, k£ is Boltzmann’s
constant, and T, is 290K. Employing the mixer’s voltage conversion gain, Gy, allows
us to infer the signal and noise densities at the IF, f;z, due to the input, as shown
in Figure 4.3. Additionally, the mixer contributes to the output noise density. The
output SNR is calculated over the same bandwidth, B, but now at the IF:

G}aaB _ Giaa
(G%4kT,Rs + B)B  G34kT,Rs + (3’

SNR, = (4.11)
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where (3 is the noise density introduced by the mixer referred to its output. Note that
Figure 4.1’s ideal brickwall filter bandlimits the input noise to the signal bandwidth.
Finally, the ratio of SNR; to SNR, is the SSB noise figure for Figure 4.1’s mixer:
aa  G%4kT,Rs + 3 _ B

1+ P 4.12
WkT,Rs  Ghaa * GZART, Rs (4.12)

Fgsp =

Now that we have an analytic expression for Fssp, we address how to measure
Fssp with a noise figure meter. To answer this question, it is first necessary to
explain how such a meter operates. A noise figure meter makes two measurements,
one with its noise source off and one with its noise source on [18]. The ratio of the
source power density in those two measurements is quantified by the excess noise
ratio (ENR), which is generally a function of frequency. By collecting the received
noise power from the two cases, combined with knowledge of the ENR, the noise

figure meter can determine the device under test’s (DUT’s) noise figure.

The meter’s received noise power when the source is off is

R
N,(off) = FKT,B) G, (4.13)

r=1
where the G,s are the insertion gains from each input frequency that produces a
response at the IF output frequency. When the source is on, the meter’s received

noise power is

R
N,(on) = N,(off) + kT,BY (ENR, — 1)G,

r=1

R R
= kT,BY ENR,G, + (F — 1)kT,BY G, (4.14)

r=1 r=1

R R
~ kT,BENR,» G, + (F — 1)kI,BY G,

r=1 r=1

where ENR; is the RF’s ENR. Since the noise figure meter measures the noise from

each input frequency that produces a response at the IF output frequency, the noise
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figure meter actually makes a multi-sideband (MSB) noise figure measurement. By

taking the ratio of (4.14) to (4.13), and rearranging terms to isolate F' gives

ENR, —1
FMSB - W. (415)
No(of) 1

For the mixer shown in Figure 4.1, there is only one response (R = 1), because of
the input bandpass filter. So, the noise figure meter reports Fssp in this case, since

FMSB = FSSB here.

4.1.4 Linearity

Linearity is important for elements in the signal path, since nonlinearity can produce
distortion products that occupy the same spectrum as that of desired signals. For a
mixer in a typical superheterodyne architecture, the nonlinearity of greatest concern

is third-order. Let’s consider a simple depressed cubic
y = ax + bx®, (4.16)

where @ is the coefficient of the first-order term and b is the coefficient of the third-
order term.

If the input to this nonlinearity is a sinusoid, i.e.,
z = Asin(wt), (4.17)

where A is the amplitude and w is the angular frequency, then we can solve for the
amplitude at which the output’s linear component at w and nonlinear component at

w are equal. First, we substitute (4.17) into (4.16) which gives
y = aAsin(wt) + bA® sin®(wt). (4.18)
Next, we expand sin® to obtain

1
y = aAsin(wt) + bA?’(Z sin(wt) — 1 sin(3wt)). (4.19)
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Grouping similar frequencies yields
3. s . 1. .
y=(aA+ ZbA ) sin(wt) — ZbA sin(3wt). (4.20)

Ignoring the term at 3w, we see that the term at w has a coefficient consisting of
two terms: a linear replica of the input and a nonlinear distortion of the input. The

magnitudes of these two terms are equal when

|4]al
A=A =,/ —. 4.21

When we are given a block, we don’t know what a and b are, but we can infer
them from a measurement. The linearity measurement performed to determine
A* is called a third-order intermodulation product (IP3) measurement. A test is
conducted in which two tones, closely spaced in frequency, are applied to the DUT.

The tones have equal amplitudes so that
z = Asin(wit) + Asin(wst), (4.22)

where A, the amplitude used in testing, is kept low for a reason that is explained
later. The output contains many cross-products, but in particular, there are two
cross-products that lie on either side of the primary output tones at w; and ws.
The spacing between neighboring tones in this group of four is uniform, as shown in
Figure 4.42. By measuring A; and Az on a spectrum analyzer, IP3 referred to the

input can be calculated as

A, (dBV) — A3(dBV)
2

[IP3(dBm) = + A(dBm), (4.23)

where we have assumed that the DUT is driven from signal generators calibrated in
available power. The additional “I” preceding IP3 indicates that the measurement

is input referred. Equation (4.23) follows from the construction shown in Figure 4.5.

21f the IP3 measurement is performed on a mixer, the output products look the same as in
Figure 4.4, but they are converted to the IF (w1 — wro and ws — wro for a downconversion mixer
or w1 + wro and ws + wre for an upconversion mixer).
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Figure 4.4: Spectrum analyzer display during an IP3 measurement

In this figure, a line with a slope of one has been drawn extending from the mea-
surement point of Ay, and a line with a slope of three has been drawn extending
from the measurement point of A3. Again, the specific slope values will be explained
shortly. The point of intersection corresponds to an equality of amplitudes of the
extrapolated first-order and third-order products. As we will show next, expressing

the corresponding input source power, ITP3(dBm), as an amplitude gives A*, that

IIP8(dBm)—10 4\a|
10 20 = 1/— = A*. 4.24

In order to show that the point of intersection indeed corresponds to input am-
plitudes of A*, we substitute (4.22) into (4.16) to yield

is,

y = aAsin(w;t) + aAsin(wyt)+bA> sin® (w;t) + 3bA® sin®(w;t) sin(wst) + (4.25)
3bA3 sin(w;t) sin?(wqt) + bA3 sin®(wot). '
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Figure 4.5: TIP3 construction from measured data

Next, expand sin® and sin? to get
y =aAsin(wit) + aAsin(wat) +
ZbA?’ sin(wyt) — ib/ﬁ sin(3w;t) +
gbA?’ sin(wst) — ZbA?’ sin((2wy + wq)t) + ZbA3 sin((2w; — wo)t) + (4.26)
2P sin(unt) — DA sin((2us + w)t) + DA sin (2 — w)t) +

3 1
ZbAS sin(wst) — ZbA3 sin(3wst).
Grouping similar frequencies yields

y :ZbA3 sin((2w; — wa)t) + (aA + gbA3) sin(w1t) +
(0 + b4%) sinwst) + bAYsin((2s — 1)) -
4 4
) 2 (4.27)
ZbA3 sin(3wqt) — ZbA?’ sin((2w; + wo)t) —

1
ZbA?’ sin((2ws + wy)t) — ZbAS sin(3wst).
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The coefficient of the term at w; is aA + %bA?', which can be approximated by aA
if the amplitude is kept small. This simplification is one reason why the amplitude
used in testing is kept low. The coefficient of the term at 2w; — ws is %bA?’. Now, on
a dB-dB scale where A is represented on the x-axis, terms proportional to A have a
slope with magnitude one and terms proportional to A* have a slope with magnitude
three. This axis selection is why the specific slope values for extrapolation were used.
Since we are measuring aA and %bA?’, we can plot these quantities for all A. This
plot gives a graphical solution for A*, the point of intersection, which is expressed
in dBm as ITP3(dBm).

4.2 Various CMOS Mixer Architectures

In the last few years, a variety of CMOS mixer topologies have been proposed.
Armed with a firm understanding of the different mixer performance metrics, we
are in a position to evaluate competing architectures for use in radio systems. A
review of the literature suggests the following four mixer architectures: subsampling,

potentiometric, Gilbert-type, and voltage-mode.

4.2.1 Subsampling Mixer

The subsampling mixer performs frequency conversion by sampling the RF signal
at a rate that satisfies the Nyquist rate, but allows a higher harmonic to act as the
LO. Its circuit implementation is shown in Figure 4.6.

Table 4.1 provides a representative set of numbers for the subsampling mixer
[19]. Notice that it consumes a large amount of power, and additionally it has a
high noise figure. Analysis shows that even though the frequency of the subsam-
pling clock can be very low compared to the RF carrier, the clock edge uncertainty
has to be small compared to the RF period [20]. This stringent requirement on the
sampling clock translates into more power spent on clock generation. Generation of
the low-jitter sampling clock requires an additional 49mW for this particular exam-

ple, exacerbating the total power consumption. The high noise figure accompanying
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Figure 4.6: Subsampling-mixer circuit diagram

Table 4.1: Subsampling-mixer performance

Power * 41mW
Voltage Conversion Gain 36dB

SSB Noise Figure 47dB

I1P3 —16dBm
Technology 0.6pum BiCMOS
Die Area | 0.88mm?

*3.3V supply.
tNot including the area of pads.

29
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2fge ! f copies

Figure 4.7: Illustration of noise folding

the subsampling mixer is a consequence of broadband switch noise being multiplied
by twice the subsampling factor, as shown in Figure 4.7. Subsampling in the time
domain is equivalent to convolution in the frequency domain by an impulse train
[21], and therefore broadband noise is shifted in frequency by integer multiples of
the subsampling frequency. These shifted copies add at the IF, increasing the spot

3

noise®. In this picture, the minimum switch bandwidth is fgp, the subsampling

frequency is f,, making

frr
M = 4.
fs Y ( 28)

where M is the subsampling factor. Finally, we notice that 2M is the spot noise

figure degradation factor.

3Spot noise measures the noise power in a 1 Hz bandwidth
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4.2.2 Potentiometric Mixer

The potentiometric mixer, shown in Figure 4.8, produces a current that is propor-
tional to the product of the RF and LO voltages. This current is then converted to

a voltage by an op-amp feedback structure.

RE

HH HH

Figure 4.8: Potentiometric-mixer circuit diagram

The numbers for the potentiometric mixer, listed in Table 4.2, show an improve-
ment in power consumption, but the noise figure is still too large [22]. The high
noise figure is a consequence of using the weak RF input to modulate the transistor
quad’s channel conductance via the gates. This choice of connection does not al-
low the switch resistance to be very small, leading to large noise contributions from
the transistor quad. Also, the authors of [22] attribute a substantial portion of the
noise to the op-amp in the design. Thus, even though this architecture exhibits very
good linearity, that linearity would have to be compromised to achieve a tolerable
noise figure. For instance, if the potentiometric mixer were preceded by an LNA
to improve noise figure (this LNA is now part of the mixer and is in addition to

any LNA prior to the mixer), then there is an increase in power due to LNA power
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Table 4.2: Potentiometric-mixer performance

Power * 1.3mW
Voltage Conversion Gain 18dB
SSB Noise Figure 32dB
11P3 45.2dBm
Technology 1.2pum CMOS
Die Area * 0.42mm?

*5V supply.

t12dBm LO.

INot including the area of pads.

consumption, a decrease in linearity which now is LNA limited, and an increase in

area because of the additional LNA.

4.2.3 Gilbert-Type Mixer

The Gilbert-type mixer performs a voltage-to-current conversion of the RF signal
that can then be commutated by the LO, usually to a resistive load to produce a
voltage at the output. The topology of this mixer is illustrated in Figure 4.9.

Table 4.3 contains results from the measurement of a CMOS Gilbert-type mixer
[23]. The main advantage of this architecture over the voltage mixer is in conversion
gain. Conversion gain can be helpful if the later stages have large noise figures
and if it is difficult to obtain additional gain from the LNA block. Because the
noise figure and linearity are limited by the transconductance stage, elimination of
the voltage-to-current conversion can yield better performance, as evidenced in the

voltage mixer.



4.2: Various CMOS Mixer Architectures 33
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Figure 4.9: Gilbert-type mixer circuit diagram

Table 4.3: Gilbert-type-mixer performance

Power * TmW
Power Conversion Gain 8.8dB
SSB Noise Figure 9.2dB
I1P3 —4.1dBm
Technology 0.5um CMOS
Die Area | 0.14mm?

*2.7V supply.
tNot including the area of pads.
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4.2.4 Voltage Mixer

As just mentioned, the voltage mixer skips the voltage-to-current conversion of the
RF signal, keeping everything in the voltage domain. This architecture, pictured
in Figure 4.10, naturally accommodates a capacitive load, which is the dominant
type of load impedance on-chip. A further benefit of a capacitive load is that it

contributes no noise.

F Vio

LO
RF

F Vio

<
I

'

LO

Figure 4.10: Voltage-mixer circuit diagram

It’s clear from Table 4.4 that the main drawback with the voltage mixer is its low
conversion gain, which is a disadvantage for the radio’s noise figure but advantageous
for the radio’s linearity. However, in the context of the radio’s receive path, where an
LNA with 20-30dB of gain precedes the mixer, the voltage mixer’s conversion loss is
acceptable. In the GPS radio, the voltage mixer’s approximate contribution to the

radio’s noise figure is a negligible 0.1dB. Subsequent stages contribute an additional
0.4dB.

A final note on the voltage mixer is that it benefits the most from technology
scaling of the four CMOS mixer architectures presented. This mixer scales well due
to the architecture’s dependence on CMOS transistors behaving as switches. Fur-
thermore, it can tolerate the accompanying supply-voltage reduction more gracefully
than the other architectures, since it has no stacked transistors between the supply

and ground and does not require large gate biases.
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Table 4.4: Voltage-mixer performance

Power < 500 W
Voltage Conversion Gain —7.3dB
SSB Noise Figure 6dB
I1P3 4dBm
Technology 0.5pm CMOS
Die Area * 0.0084mm?

*Not including the area of pads.

4.3 CMOS Voltage Mixer

We now proceed with a more detailed look at the double-balanced CMOS voltage
mixer. Choosing the LO as the gate drive and the RF to be commutated by the
switches is the natural selection, since the LO amplitude is much larger than the RF
amplitude. This choice explains the voltage labels in Figure 4.10, but we must still

explain the configuration and function of the figure’s four transistors.

The mixer’s four transistors are labeled M;—-M, as shown in the bottom of Fig-
ure 4.11. These four transistors are grouped together into two pairs. One pair is
shown at the top left of Figure 4.11, and the other is shown at the top right of
Figure 4.11. Transistors M; and M, work together and are controlled by the LO
signal, while transistors M, and M3 form a unit controlled by the LLO’s inverse. This
drive selection is explained shortly. Each pair serves the function of connecting the
mixer’s IF port to the RF port. The difference between the two pairs is the polarity
with which they perform this connection. M; and M, connect the load with a posi-
tive polarity for half a cycle and disconnect the load for the other half, but M, and
M3 connect the load with a negative polarity for half a cycle, disconnecting the load
for the other half. Thus, by operating the two LOs with a 180 degree phase shift,
the two individual circuits at the top of Figure 4.11 can be merged into the circuit

shown at the bottom, achieving a double-balanced architecture.
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Figure 4.11: Double-balanced CMOS voltage mixer

To further our understanding of the preceding description, it is helpful to examine
typical waveforms during operation. One particular set of time domain waveforms
for this mixer’s operation appear on the left of Figure 4.12) with their respective
frequency domain pictures on the right. When the mixing function is 1 (i.e., M; and
M, are on), the output is a replica of the input, but when the mixing function is
—1 (i.e., M> and Mj are on), the output is an inverted replica of the input. So, in
the time domain, we see that the output is the product of the input and the mixing
function. To see that this multiplication does indeed produce downconversion, it is
instructive to look at what occurs in the frequency domain. The Fourier transform
of the mixing function has spectral energy at odd harmonics of the LO. The Fourier
transform of the input signal gets convolved with the Fourier transform of the mixing
function to produce the output’s Fourier transform. The convolution produces a copy
of the RF signal at the IF, which can be filtered out.
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Figure 4.12: Principle of operation

Returning to the four core transistors, we see that M;-M, present a primarily
capacitive load to the circuits that generate the LO. M;—M, are identically sized,
and furthermore are all minimum length devices. These conditions cause each pair’s

gate capacitance, C, to be proportional to M;—M,’s width, W,
CxW. (4.29)

Since the mixer’s LO port is primarily a capacitive load, it is natural to absorb this
capacitance into the tuned circuit at the output of a narrowband amplifier, thereby
reducing the LO power consumed in driving the mixer. This idea is illustrated in
Figure 4.13. As a consequence, the LO drive will be nearly sinusoidal, in practice,

as opposed to square in appearance.
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LO LO

Figure 4.13: Resonating the gates

4.3.1 Voltage Conversion Gain

Since the LO drive will generally be sinusoidal, a study of various sinusoidal drives
and their effect on conversion gain is therefore important. We study four specific, but
representative, LO drives, but alternate drives can be investigated with the general
technique developed here. This technique to examine conversion gain is based on
modeling the mixer’s four transistors as time-varying conductances. By doing so,
voltage conversion gains for the different LO drives representing various operating

conditions can be presented and tabulated.

4.3.1.1 Mixer Loading

The type of source, narrowband or broadband, will affect how the analysis proceeds.
A broadband source can be included in the mixer’s transformation to a Thévenin
equivalent circuit, which is the subject of §4.3.1.3. But for RF downconversion, the
source is typically narrowband (e.g., an LNA with a tuned output immediately pre-
ceding the mixer), so it must be treated separately since it has different impedances

at the radio and intermediate frequencies.
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Figure 4.14: Mixer connections
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Figure 4.15: LNA transformation
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Figure 4.14 models the LNA output with the mixer. The mixer and its IF
termination have an influence on v, (t), the voltage across the mixer’s RF port,
at frequencies where the RF source has a non-zero Thévenin impedance. Due to
the mixer’s time-varying nature, a circuit simulator needs to be used to design
the interface between the LNA and mixer and to observe v,;(¢). Once this design
is completed, the reactive elements of the LNA’s tuned output and any reactive
loading presented by the mixer are of secondary interest. The LNA’s output is
therefore transformed at the RF to an equivalent parallel RLC circuit, and then the
reactive elements are removed, as shown in Figure 4.15. This transformation allows
us to find v,(t).

One must be aware that v,(t) can change when the mixer loads the LNA. If
the mixer presents only a reactive impedance to the LNA, then v,(¢) and v,(¢)
will be identical. However, if there is a real component to the impedance, then the
amplitude of v,¢(¢) is smaller than that of v(t).

So, to summarize, the LNA’s gain is computed using v4(t), and thus the mixer’s
voltage conversion gain will include the gain from v(¢) to v,f(t), |Arf| (which is less
than or equal to one). The other part of the mixer’s conversion gain, the conversion
component, is analyzed in the remainder of this subsection. This component starts

from v,¢(t) and ends with vy (t).
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4.3.1.2 LO Waveforms

Before proceeding further, we discuss the different ways the mixer will be driven
during this conversion gain analysis, specifically the shapes of the LO and LO wave-
forms. LO is simply a time-shifted version of LO by T;0 /2, where Ty is the LO
period.

The first of four LO waveforms we consider is a square wave with 50% duty cycle

and is mathematically expressed as

’Ulo(t) = 2AL0H(2t/TLo) * Z 5(13 —_ ’nTLo) + BLO, (430)
where Ay is half the peak-to-peak voltage level, By is the square wave’s DC value
(equal to the switch threshold voltage), II(¢) is the rectangle function, and §(¢) is
the delta function. This LO waveform will be the reference to which other types of

LO waveforms will be compared, and is sketched in Figure 4.16(a).

As mentioned previously, a square wave drive is difficult to achieve, especially at
high frequencies. A more practical and power efficient drive, presented in Figure 4.13,
is achieved by resonating the gate capacitances of transistors M;—M,. Tuning the

LO results in nearly sinusoidal waveforms which we approximate by
’Ulo(t) = ALO COS(?ﬂ'fLot + ¢LO) + BLO, (431)

where Ao is the sinusoid’s amplitude, By is the DC level on the gates, fro is the
LO frequency, and ¢ is the LO phase. This type of waveform is the basis for the
remaining three LO drives which are drawn in Figures 4.16(b), 4.17(a), and 4.17(b).
In Figure 4.16(b), By o equals the switch threshold voltage, Vy; in 4.17(a), Bro < Vi
illustrating break-before-make switching action; while in 4.17(b), Bro > Vi which

is the opposite action, make-before-break.

Alternative drives can be similarly constructed and then used to explore am-
plitude mismatch between LO and LO and deviations from a perfect 180° phase
relationship between LO and LO. However, these drives will require defining both
LO and LO, because LO is not simply the result of time-shifting LO by T.0 /2.
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Figure 4.16: Investigated LO waveforms
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Figure 4.17: Investigated LO waveforms
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4.3.1.3 Mixer Model and its Thévenin Equivalent

Once the LO waveform has been defined, the mixer’s switches can be viewed as
time-varying conductances, as shown in Figure 4.18(a). The conductance can be

roughly approximated as

(4.32)

k(vie — Vin) 1o > Vin
g(t) =
0 Vio < Vi

g()= Zg(tT,, /2)
Vit (t) @ B ]
o(tT, o /2)= = g(t)

(a) Time-varying conductances

9+ (t)
W

v (t) ()

(b) Thévenin equivalent

Figure 4.18: Mixer model
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It is possible to simplify the switch network with a Thévenin equivalent network.
This representation is shown in Figure 4.18(b), where the open circuit voltage is

given by

g(t) — g(t — Tpo/2)
9(t) +9(t —Tro/2)

vr(t) = 0y (£) = m(£)uy (1) (4.33)

and the Thévenin impedance, written as a conductance, is

gr(t) = 9t +g (t; Tro/2) (4.34)

The action of mixing, or frequency translation, is implicit in this transformation
to a Thévenin equivalent. Frequency conversion is most easily seen in the reference
case, when the LO drive is a square wave. The open circuit voltage is a square wave
with zero DC value and unit amplitude multiplied by the RF voltage function, and

so vr(t) is a mixed version of v,¢(t). Figures 4.19-4.22 illustrate the mixing function

g(t) — gt —Tro/2)
g(t) + g(t — Tro/2)

m(t) = (4.35)
and gr(t), for the four cases with gne = 50%. Jmaz 1S the maximum conductance of
each switch.

Both m(t) and gr(t) exhibit important properties. The mixing function m(t) has
no DC component, is periodic with a period of T, and has half wave symmetry,
implying that it only has odd frequency content (nfro, where n is an odd integer).
The conductance gr(t) has a DC component and is periodic with a period 770 /2. We
will see that this DC component together with a load capacitance yields the mixer
bandwidth. Furthermore, gr(t)’s particular periodicity foreshadows the importance

of the frequency 2wy in the analysis of the next section.
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Figure 4.19: Square drive
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Figure 4.20: Sinusoidal drive
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Figure 4.21: Break-before-make drive
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Figure 4.22: Make-before-break drive
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4.3.1.4 Conversion Component

Once we have the Thévenin equivalent representation of the mixer, we can find
v;#(t) for arbitrary loads. The load that we are interested in is capacitive, as shown
in Figure 4.23. Since the load is capacitive, we will compute the mixer’s voltage

conversion gain.

g9+ ()
IV

v () CLT vi(®

Figure 4.23: Mixer model with capacitive load

We first examine the extreme case where C; = 0, using the Thévenin equiv-
alent circuit developed in §4.3.1.3. If C, = 0, then v;(t) = vr(t) = m(t)v,(¢)
Therefore, to find the voltage conversion gain from the RF port to the IF port,
the Fourier transform of the mixing function must be evaluated at fro, which is
shown in Table 4.5. For a square wave drive, the conversion gain is 2/7, a classic
result. Interestingly, a sinusoidal drive also has the same voltage conversion gain
of 2/m. Because both a square drive and a sinusoidal drive have the same voltage
conversion gain, we consider 2/m (—3.92dB) as a baseline and use it throughout
the remainder of this subsection on conversion gain. For the break-before-make and
make-before-break drives, the voltage conversion gain is always less than or equal to
2/7. Finally, it is interesting to note that |[M(f.0)| in the last two cases depends

only on a single quantity that characterizes an LO waveform, r. In words, r is the

“From §4.3.1.1, |A,¢| = 1 when Cr = 0, since the mixer cannot load the LNA output in this
case.
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Table 4.5: |M(f10)]

Square drive 2/
Sinusoidal drive 2/
Break-before-make drive * (2/m)v1i—-7r2 0<r<1
sin~1(r)/r+v/1—r2 0<r<1

1/(2r) 1<r<oo

Make-before-break drive * {

*p— |Vin—Bro|
Ao

ratio of (the absolute value of) the difference between the switch threshold voltage
and the DC level of the LO drive, to the amplitude of the LO drive. The absolute
value of the difference is a measure of the drive’s deviation from a sinusoidal drive,
with a larger magnitude indicating a greater difference. A larger LO amplitude, on
the other hand, causes the drive to appear more like a sinusoidal drive by making
the difference less significant. So, r is an indication of a waveform’s deviation from

a sinusoidal drive (r = 0).

In general, C1, does not equal zero. But the conversion gain can still be solved
through a more lengthy analysis. The superposition integral is used to find vy (¢)
as a function of v, (t), after finding the network’s impulse response. The detailed
derivations are contained in Appendix A, while key results are presented here. The
results indicate that under certain (but practically relevant) conditions, a very simple
system can be used to analyze the voltage conversion gain. Furthermore, they also
predict the somewhat surprising result that it is theoretically possible to achieve a

voltage conversion gain of one.

The following discussion applies if -—2Z— < 1, where g7 is the DC value of

2wroCrL,

gr(t) and wro is the angular LO frequency. Recall that 2ng_ch is the ratio of the
average mixer bandwidth to twice the LO frequency (gr(t) is periodic with a period
TLo/2). It is not surprising to find this ratio involved in an important condition,
which is met by a bandlimiting mixer. Note that the average mixer bandwidth must

be small compared to the LO frequency (not the IF) for this condition to be met,
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Figure 4.24: Modified mixing functions
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although as we will see, the average mixer bandwidth as compared to the IF will

affect conversion gain. For this case, the superposition integral reduces to
Yo ) [97(7)
vy (t) = / 97 e (90T oy () (4.36)
—00 C1L ar

This equation looks involved, but it provides insight into the mixer’s behavior. The
RF voltage is evidently multiplied by a function that can be divided into a modified

mixing function, which we will define as

t
mt) = I8 ). (4.37)
9Tmaz
and a gain term,
A = JTmaz, (4.38)
gr

9Tmaz 18 g7(t)’s peak conductance, so normalization by g7y, forces the maximum
magnitude of m/(t) to one. Examples of the modified mixing function appear in
Figures 4.24 and 4.25 for the four cases. The gain term, highlighted by g7ma., is the
ratio of the peak conductance to the average conductance. With these definitions,

(4.36) can be expressed as

t gr _m
'Uif(t):/ g—Te_@(t_T)Am'(T)vrf(T)dT. (4.39)

—0

The remaining terms in (4.39) implement a very familiar component. A conven-
tional single-pole low pass filter is shown in Figure 4.26. The superposition integral,

which reduces to a convolution integral, for this filter is

t
Vout (t) :/ %e’%(t’”vm(ﬂdr. (4.40)
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Vin(t) @ C L

~Vour ()

Figure 4.26: Single-pole low-pass filter

We see that (4.39) has the same form as (4.40), except g is replaced by the average

conductance, gr. Now, (4.39) can be expressed as

vy (£) = / gy (¢ — 7) A (7)vpg (7)d, (4.41)

—0o0

where hj is the impulse response of a single-pole low-pass filter with a 3dB band-
width of %. In words, (4.41) indicates that the RF voltage is multiplied by

the mixing function, then the product is scaled and filtered, as diagrammed in

g+ (®)
m’(t) = m(t)
ngax
Vit _’C:) > > g ‘l_’ Vit
9 Tmax g_T
A=— Wi3gg =
Ot L

Figure 4.27: Equivalent block diagram for voltage conversion gain
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Figure 4.27. Figure 4.27 helps to see that the voltage conversion gain® is just
AIM'(fro)l[Hips (frr)l-
For the remainder of this subsection, A|M'(fLo)||Hiys(fir)|, the conversion gain

when 2ngch < 1, is evaluated for square, sinusoidal, and break-before make LO
drives. It is very intriguing to discover that AM'(f10) for a sine wave with Bro = Vi
gives rise to a better conversion gain, by a factor of 72/8, than AM'(f10) for the
reference square drive. For a sinusoidal drive, |M'(f10)| = 1/2, whereas for a square
drive, |M'(fLo)| = 2/m. But notice that the peak-to-average conductance is unity
in the square wave case, while the gain, A, is /2 in the sinusoidal case. When we
take the product, A|M'(fLo)l|, the total multiplication factor for a sinusoidal drive
is w/4 (—2.1dB), which exzceeds the 2/m (—3.9dB) value for a square drive.
Observing that the conversion gain of a sinusoidal drive is better than that for a
square drive motivates looking at a break-before-make drive’s conversion gain. It is
possible, though slightly involved (see Appendix B), to express conversion gain as a

function of r once again

) cosH(r) —rv/1—12
A Lo)| =
M (fr0) 2[v1—1r% = rcos™!(r)] (4.42)

v i
~ 1——) T
( 1)

where r = M"Xi‘)', as before. Figure 4.28 plots (4.42) as a function of r. The
LO
conversion gain actually improves as » — 1, contrary to widely held beliefs. For
reference, a sine wave with B;p = V}; corresponds to r = 0. The extreme of break-
before-make action where each switch is on for just one instant of a LO cycle is r = 1.
Although the conversion gain is higher for » = 1, linearity suffers, so this drive is not
a practical one. Linearity degrades with increased break-before-make action because
the steepness of the LO waveform at the instant of switching is reduced. We return

to this topic and discuss it in further detail in §4.3.3.

®Hypy is the single-pole low-pass filter’s transfer function. Since a single-pole low-pass filter is a
linear time-invariant (LTT) circuit, its transfer function can be found from the Fourier transforms
of its circuit elements used in the voltage divider formula [24]. |Hyt(w)| = L
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Figure 4.28: A|M'(fL0)| vs. r for break-before-make drive
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4.3.2 Noise Figure

In §4.1.3 we found the SSB noise figure for a single-response mixer to be

__B
G2 4kT,Rs’

aa  G24kT,Rs + 3
Fssp = -2 =1
%8 T 4kT,Rs  GZao *

(4.43)

§4.3.1 provides a method for finding Gy, but what is § for the voltage mixer?

To determine 3, we start with the Thévenin equivalent model. Frequency con-
version is implicit in the model, so we are only interested in spot noise at the IF.
Instead of using a conductance, gr(t), we choose to deal with a resistance, R, (t),

where

Ry (t) = : (4.44)

This selection of a resistance instead of a conductance is due to the resistive source,
and thus, with this choice, we anticipate a ratio of resistances in the expression
for noise figure. The noise density due to the LNA output’s narrowband source
replaces vr(t) in the Thévenin equivalent model. Using notation established in
§4.3.1.1, the noise density is that of a resistor of value G3 R, assuming % exceeds
the IF (Gv = |Ay||M(fro)| or Gv = |As|A|M'(fLo)|). This gives the picture in
Figure 4.29 for determining the mixer’s noise contribution. In Figure 4.29, to remove
the cyclostationary nature of the mixer’s noise, we use the average mixer resistance
in its noise density® (R, = g%) Equation (4.43) indicates 3 is voltage noise in series

with a source resistance G%,4kT,Rs. Examining Figure 4.29 and recognizing that

6Qualitative arguments indicate that this analysis yields a pessimistic noise figure. The switch
noise of a particular switch appears at the output when its resistance is small, and therefore using
an average resistance throughout, instead of a cyclostationary resistance, over estimates the mixer’s
noise contribution. However, the complexity of the analysis is significantly reduced, and the result
is a first-order expression (i.e., within a few dB) for the mixer’s noise figure.
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Figure 4.29: Mixer noise model

Rs is Ry, we find that 3 is 4kT,R,,. The noise figure is easily calculated from this
point to be

(4.45)

The foregoing is a simplified treatment of noise figure. However, the final ex-
pression, (4.45), does make intuitive sense. It indicates that the dominant source
of noise is from the switch resistance and therefore reducing the mixer’s average
resistance improves its noise figure. For a more thorough treatment of the general
subject of noise in mixers, the interested reader can refer to [25], where the authors
present a complex theory for the analysis of noise performance in mixers. It should
be emphasized that [25] outlines a general analysis applicable to any mixer architec-
ture, whereas the analysis here is specific to the voltage mixer. A practical design
formula, (4.45), results from limiting the noise figure analysis to this architecture.
In contrast, to exploit the proposed general method requires implementation using
a combination of available simulators and a separate two-dimensional fast Fourier

transform (FFT) routine.
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4.3.3 Linearity

We begin our treatment of the voltage mixer’s linearity with a simple I-V relationship

for a CMOS transistor operating in the linear region

Vis
Ip=k(Vyy — Vip — 2‘1 Wis, (4.46)
which can also be expressed as
V2
Lo = k(Vos = Vin) Vs — k=7 (4.47)

This last expression provides important insight into the two major sources of distor-
tion in the mixer: device nonlinearities and phase modulation (PM) of the switching
instants. The first term has a factor (V,; — V) that is a function of the device’s
source voltage, allowing for phase modulation of the switching instants, and the
second term contains nonlinearities. The real device I-V relationship is much more
complicated, and will contain other nonlinearities besides the second order nonlin-
earity of the simple I-V relationship (in particular, a cubic nonlinearity). Ideally, we

desire an I-V characteristic of
I; = k(Vg — Vin)Vas (4.48)

to eliminate the distortion mechanisms. But since devices conforming to ( 4.48) are

not available, we must find other ways to minimize the distortion mechanisms.

To improve the linearity of the transistors, it is most important to keep the
current through the switches small to reduce nonlinear voltage drops across the
devices [26]. One way to satisfy this criterion is to minimize the capacitive load, to

present a high impedance to the output.

The second source of distortion arises from phase modulation of the mixing func-
tion by the RF voltage (sometimes referred to as cross-modulation), just as in diode
ring mixers [27]. Borrowing from the research on diode rings, we may expect this

type of distortion to diminish if larger LO drive levels are used to steepen the LO
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waveform’s slope as it passes through zero. A corollary is that square drives will lead
to improved linearity over sinusoidal drives, if this phase modulation is the dominant
source of nonlinearity. References [26] and [27] contain more detailed treatments of
this type of distortion. In [27], the author accounts for cross-modulation by intro-
ducing PM terms proportional to the ratio between signal and LO amplitude into
a square-wave switching function. Reference [26], extends the analysis in [27] to

include switching functions with finite rise and fall times.

The remaining nonlinearities consist of parasitic junction capacitances, which
are weak nonlinearities. Furthermore, at the RF port, the parasitic junction capac-
itances tend to be insignificant or small compared with the large, linear portion of
the RF tank capacitance (e.g., from the on-chip spiral inductor’s oxide capacitance).
Therefore, we expect phase modulation to have the greatest impact on this mixer’s
linearity, implying that we should focus on the LO drive if linearity needs to be

improved.

4.3.4 Switch Sizing

For M;-M, in Figure 4.13, the only flexible parameter is their width, W; each device

has length L,,;,, a transistor’s minimum length in the given technology.

In order to resonate M;—M,’s gate capacitance and provide a differential LO
drive to the mixer, a narrowband amplifier with inductive loads is required for the
mixer’s LO-port interface. Figure 4.30 is a simple circuit diagram of a representative
narrowband amplifier. Regardless of this amplifier’s operation (e.g., class A, class
AB, etc.), the power consumption is fixed once a specific amplifier current, 14, is
selected for each class of operation. However, the amplitude at each output node,
Apo, can vary depending on the load’s resistive part at resonance. The ramification
of having a fixed power consumption for different LO amplitudes becomes clear after
looking at the mixer’s noise figure. The analysis we perform is for a class A amplifier,
but the insight it provides is independent of class. For other classes, the relationship

between A;p and 14 is the only difference.
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Figure 4.30: Narrowband amplifier circuit diagram

Using the quantitative expression for noise figure, (4.45), found in §4.3.3, we

evaluate the integrated voltage mixer’s Fggp. (4.45) can be written as

Fosn = 1+ =g — (4.49)
for square, sinusoidal, and break-before-make LO waveforms in Figures 4.16(a),
4.16(b), and 4.17(a), respectively, where g is the average conductance of a single
device in the mixer and R, of (4.45) is now designated with Ry4. Furthermore, we
plan to operate the integrated voltage mixer with a sinusoidal drive (Bro = Vi),
Figure 4.16(b). For this type of LO waveform,

/'LNCon ALO

Lmin ™ ’

g= (4.50)
where up is the low-field electron mobility and C,, is the gate-oxide capacitance per
unit area. Substituting (4.50) into (4.49) gives

27Tme

F =1 .
558 * pUnCoe W AL0oGERiNa

(4.51)
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Equation (4.51) allows us to see the role of W and A.o. Fssp depends on the
product W Ao, which are mutually dependent variables. To gain more insight, we

need to express Fsgp as a function of I4.

To express Fssp as a function of 14, we return to the narrowband amplifier. For

each inductive load,

wLoﬁ

Q= 7 (4.52)

where £ is the inductance and R is the inductor’s parasitic series resistance. Per-
forming a series to parallel conversion, the inductor’s parallel resistance at the LO

frequency is

QP +1

Ra=(Q*+ 1R 5

wLoﬁ. (453)

Thus,

ILR InQ*+1
ALO = ’]7 A2 A = nEAQ Q wLo,C, (454)

where 7 is a constant factor between 0 and 1 describing the narrowband amplifier’s
steering efficiency. It accounts for parasitic losses in the LO driver itself that cause

not all of the bias current to be available at the output.

Let us assume that the narrowband amplifier has no parasitic capacitance at
either output node. Then, the capacitance on each output node is due to a pair of
gates, either M; and My, or Ms and M;. When the mixer has a sinusoidal drive
(Figure 4.16(b)), one switch in the pair is on and the other is off at any given time.

Therefore, the capacitance due to each pair is

Cm = Con(Lmin + 2Lov) + CazW<2Lav) = CowW<me + 4L0'u)7 (455)



64 Chapter 4: CMOS Mixers

where L,, is the lateral-diffusion length. Capacitance C,, must resonate with £ at

the LO frequency, so

! (4.56)
wro = ) :
LO e
Using (4.56) in (4.55) and solving for W gives
W= ! (4.57)
B w%oﬁoox(Lmin + 4Lov) ‘ ‘
The W Ao product is
I.Q*+1 1
WAL =n2 , 4.58
ro 7 2 Q wLOCoz(Lmin + 4Lov) ( )
in which the only variable is 4. Inserting (4.58) into (4.51) yields
2 me me 4Lov 2
Fogp = 1+ 2"r0lmin(Lmin +4Lov) 2. Q (4.59)

unGY Rinan EQ2 +1

The interpretation of (4.59) is that the mixer’s noise figure improves with in-
creasing 4. Once the narrowband amplifier’s power is fixed, the mixer’s noise figure
is determined. But Ao is still a free parameter. Thus, to maximize linearity,
Ao should also be maximized (assuming constant-@) inductors). The two design

equations for the mixer are therefore

E_12AL0 Q 1
T In Q2+ 1w

(4.60)

from (4.54) and

Iy @+1 1
a 772AL0 Q wLOCoz (Lmin + 4Lov)

W (4.61)

from (4.58).
In the preceding analysis, we assumed that the narrowband amplifier had no

parasitic capacitance at either output node. Now, let us add a fixed capacitance,
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(Y, to each output node to evaluate the effect of the narrowband amplifier’s parasitic

capacitance.

Equations (4.56)—(4.58) then change as follows:

Wro = L(C’i =) (4.62)
W = (G o 7T (69
Whio = 77%4 Ql;_ : wLocl’o:(zi?aniLov)‘ (464)
If we designate the narrowband amplifier’s self-resonant frequency as
wy = —2 (4.65)

VLCy'
then we can write

w 2

LLQ?+1 1—(%2)
WALo = n— ! . 4.66
ro 7 2 Q wLOCox(Lmin + 4Lov) ( )

Now we have

FSSB:1+

271-WLOme (me + 4Lov) 2 Q
T (4.67)

uNGY Rivan [1 - (“Lf—fo)ﬂ la@+1

Clearly, one design requirement is to ensure that the amplifier’s self-resonant fre-
quency exceeds the LO frequency. However, the mixer’s noise figure is influenced by
this self-resonant frequency, as well as the amplifier current. Once the narrowband-
amplifier power is fixed, and hence 14, w; remains a free parameter that can change
Fssp. Minimizing noise figure requires maximizing the narrowband amplifier’s self-
resonant frequency, leading us to select small inductors. But a small inductor yields

a small LO amplitude resulting in minimum linearity.

If we try to increase the inductance, its self-resonant frequency decreases, but its

parallel resistance, and thus Ao, increases. These changes necessarily mean that
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noise figure degrades somewhat, while linearity gets better. The real question is
how much of an improvement occurs in linearity and what is the noise figure cost
associated with it. Equation 4.67 quantitatively answers the latter portion of this
question. Briefly examining it, we notice that the ratio of the LO frequency to
the self-resonant frequency is responsible for the increase in noise figure. This ratio
implies that if wy is much greater than wy o, then reducing it by a small amount has
an insignificant effect on Fsgp. But, if wy is only slightly greater than wgp, then
reducing it by a small amount has a much more pronounced effect on Fsgz.” This
large cost may or may not be acceptable for the accompanying linearity boost.
Lastly, in both (4.59) and (4.67) we see that Fssp improves as L,,;, decreases,
indicating that noise figure improves as technology scales. However, as the term

involving L,,;, approaches 1, diminishing returns sets in as L,,;, is reduced.

4.4 Summary

This chapter presented a new CMOS mixer architecture that uses four transistors to
commutate signals in the voltage domain. The topology is simple and has no static
power consumption. In a performance comparison to other architectures, the voltage
mixer was shown to be the best, if low conversion gain is tolerable. Furthermore,
scaling trends additionally favor this architecture.

To analyze the mixer, it was necessary to recognize its time-varying nature and
use a linear time-varying mixer model. This model allowed closed-form expressions
for the voltage conversion gain under different operating conditions. It was startling
to discover through this analysis that the voltage conversion gain for a capacitively
loaded voltage mixer can exceed % and approach unity.

In addition to conversion gain, we have also presented a noise analysis of the
mixer which indicates its ability for good noise performance. When we couple this
information with the fact that the architecture can support large voltage swings on

the mixer devices, the result is a topology that boasts of a wide dynamic range.

"The percentage of C; due to the inductor’s self-capacitance determines the degree by which a
change in £ affects wy.
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Experimental CMOS Voltage

Mixers

HIS chapter describes two prototypes of the CMOS voltage mixer. The first
T prototype demonstrates this mixer architecture’s performance, and its design
is driven by the need to characterize the mixer as an individual block. The second
prototype is a functional block within a GPS radio, and its design is coupled with
that of the radio’s signal path.

The first prototype mixer is packaged and placed on a test board, so consequently
the mixer interfaces with structures on the test board, through bondwires and the
package. Since the board and on-chip environments are very different, special care
is taken with the circuits that connect off-chip. This standalone mixer is made in
a 0.35um, single-poly, double-metal, CMOS process that is mainly used for digital
circuits.

The second, integrated prototype makes use of the performance information col-
lected from testing the first prototype. The performance of the CMOS voltage mixer
influences architectural choices for the radio; specifically, due to the negligible power
consumption in this type of mixer, selecting architectures that use multiple mixers
to achieve image rejection does not adversely affect the radio’s power consumption.
The GPS radio, which includes two voltage mixers in the signal path (see Figure 3.4),
is fabricated in a 0.5um, single-poly, triple-metal, CMOS process.

67
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Figure 5.1: Standalone-mixer circuit diagram (shown with probe buffer)

5.1 A Standalone Mixer

Figure 5.1 shows the circuit schematic of the first mixer prototype. The mixer is
formed by the four transistors, M;—M,, with reactive terminations on the mixer’s

RF port and IF port.

At the RF port, a passive filter network precedes the mixer and can be separated
into two parts for convenient analysis: an L-match and an RF tank. The L-match
is formed by inductors L; and L, with part of the tank capacitance, C3, while the
RF tank is formed by inductors L3 and L4 with the remainder of C5. C; and C5 are
AC coupling capacitors implemented with parallel plate metal-to-metal capacitors,
Ly—L,4 are implemented with bondwires, and Cj3 is a metal-to-metal capacitor that
incorporates lateral flux as well as vertical flux. The quad’s DC bias is set through
an off-chip voltage source and resistor that connect to the port labeled V;. The filter

network is analyzed in greater detail in §5.1.2.

At the IF port, the probe buffer provides a capacitive load for the mixer in the
form of devices M5 and Mg’s gate capacitance. M;—M,’s gate capacitance must also
be accounted for, as well as parasitic capacitances, such as the junction capacitances
at the quad’s output. My and M;y form AC coupling capacitors by operating in
inversion with their respective source and drain terminals connected together. The

probe buffer’s cascoded output is left with open drains for testing.
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Figure 5.2: Standalone-mixer test setup

5.1.1 Testing Issues

Figure 5.2 shows the experimental setup used to test the standalone mixer. The two
primary issues of interest are the conversion between single-ended and differential
signals, and the 502 board environment. For the surface mount baluns used, the
insertion loss is less than 0.8dB per balun. In a complete integrated radio, only one
balun would be required to transform the single-ended signal from the antenna and
RF filter into differential form. Some surface acoustic wave (SAW) filters naturally

provide a differential output, in which case no balun is necessary.

The RF signal is converted from the single-ended output of a bench top signal
generator to a differential drive by a Murata balun designed for the GPS carrier
frequency. A matching network near the package is also necessary to enable the

mixer’s input impedance to be matched to 100S2 differential, since the balun provides
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Figure 5.3: RF board structures
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Figure 5.4: LO board structures

a 1:2 impedance ratio from the single-ended to differential side. Figure 5.3 illustrates

this description.

The LO signal is also converted from the single-ended output of a bench top signal
generator to a differential drive, but in this case by splitting the LO board trace into
two that differ by half a wavelength from the fork to the package. Because the two
traces produce a differential output at a frequency related to the length difference, a
fixed LO at that frequency is used [28]. Each trace is terminated in 5092. Figure 5.4
pictures the LO’s conversion from a single-ended to differential signal.

The IF output signal is sent off-chip in the form of a current, due to the open
drain outputs of the probe buffer, and delivered into a 5082 differential load. The
load is created by an IF balun, also with a 1:2 impedance ratio from the single-ended
to differential side, and two 50(2 resistors to ground on the differential side. The

single-ended output of this balun can be connected to a spectrum analyzer or a
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50Q
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Figure 5.5: IF board structures

noise figure meter, both of which have 50€2 input connectors. Figure 5.5 shows the
IF board structures.

The probe buffer is designed to attenuate so that its linearity does not interfere
with the mixer linearity measurement. In a real chip, an IF amplifier (IFA) would
replace the probe buffer, and since test equipment no longer needs to be driven, the

IFA’s design can proceed without having to drive a 502 differential load.
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5.1.2 Filter Network

Because the mixer’s load presents a high impedance, there is a negligible effect on
the mixer’s RF port voltage, v,¢(t), during operation. Therefore, v,¢(t) results from

an LTI network driven by a voltage source, v,(t), which in the frequency domain is

Vi (f) = HOV(F), (5.1)

where H(f) is the transfer function from the voltage source to the mixer’s RF port.

As discussed previously, the filter network consists of an RF tank and an L-
match, which is redrawn in Figure 5.6(a) along with the external matching network,
represented with inductors Ly and Lg and capacitor Cy. The differential value of the
source resistance, Rg, equals 100§ (Figure 5.6). By working from Rgs towards the
tank resistance, R;, which models the tank parasitics, we will reduce the external
matching network and L-match to find H(fgr), through a transformation that is
valid at the operating frequency.

A brief description of the transformation process follows. First, the RF tank is
eliminated, as shown in Figure 5.6(b). The on-chip L-match, consisting of inductors
L, and L, and capacitor Cs, boosts its input resistance to R;, where the input
resistance is an intermediate resistance, R;. To fix the discrepancy between R; and
Rs requires an external matching network, consisting of inductors Ls and Lg and
capacitor Cy, which lowers Rgs to R;. Together, the on-chip L-match and external
matching network form a m-match between Rs and R;. A matched condition exists
at the end of our transformations, since the source drives the network at resonance.

This condition is depicted in Figure 5.6(c) where the transformation is defined
by the quality factor, ), of the m-match, evaluated at the RF. From these simplifi-

cations, it is clear that

R, 5

Note that if this network transforms the source resistance to match the tank resis-
2
tance ((Q? + 1)R, = R;), then H(frp) = Y2

2
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Figure 5.6: Passive-network reduction at resonance
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Figure 5.7: Standalone-mixer die photo

5.1.3 Experimental Results

In all of the discussion that follows, “dBm” is used in its original, rigorous sense: the
signal power referenced to ImW and expressed in dB. In cases where the impedance
is not well known (and hence, the power difficult to quantify), voltage units are used

explicitly to avoid confusion.

A die photograph of the standalone mixer is shown in Figure 5.7. It is made in
a 0.35um, single-poly, double-metal CMOS process. The aspect ratio of the silicon
is somewhat unusual because this project was designed to fit in the scribe lane of
a wafer that was primarily devoted to other dice. Accordingly, the dimensions are

350pum x 1mm!?.

Measurements are made with a differential LO amplitude of 300mV, biased about
the switch threshold voltage. This LO amplitude is equivalent to —3.5dBm in a 10052
impedance. Note, however, that the terminating impedance for the LO port need
not be 10012 if the LO were integrated with the mixer. Indeed, a higher impedance
could be achieved with spiral inductor tuning of the LO port to further reduce LO

power.

ncluding the area of pads.
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5.1.3.1 Voltage Conversion Gain

The voltage conversion gain, |H(frr)||M(fro)|, 2 is —3.6dB. The measurement is
performed with the input port of the mixer impedance matched to 10092 (differen-
tial). Note that, without the impedance transformation of the external matching plus
L-match network, the expected voltage conversion gain should be close to —10dB.
This value includes —6dB for the voltage attenuation from matching the input port
and ~ —4dB for the conversion component. We may infer that the ) of the external
matching plus L-match network is approximately 1.8, resulting in a factor of 2.1 step
up in voltage before the mixer. The RF tank thus presents an equivalent parallel
resistance of about 440(2 at resonance, corresponding to a total network @) of about

11.

5.1.3.2 Noise Figure

Experimental Setup Figure 5.8 shows the noise-figure experimental setup using
the HP8970B noise-figure meter.

HP8970B Noise Figure Meter

DUT =
mixer with LO +
probe buffer

50Q noise
source

Figure 5.8: Noise-figure test setup

2|M(fro)| can be found from Table 4.5.
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Data The mixer’'s SSB noise figure is estimated to be 10dB, based on noise fig-
ure measurements of the mixer/probe buffer combination. Appendix B contains a
detailed description explaining how the mixer’s noise figure is determined from the
noise figure meter’s readout. To put this mixer’s noise figure in context, assuming
an LNA with 17dB gain and 3.8dB noise figure, this mixer contributes 0.3dB to the

noise figure of the LNA /mixer combination.

5.1.3.3 Linearity

Experimental Setup The linearity of the mixer was measured with a two-tone
IP3 test with tones at 1.575GHz and 1.585GHz. Figure 5.9 shows the IP3 experi-
mental setup. The tones are generated from two separate bench-top references, and
combined through a resistive T-structure. Each reference generator has a 10dB at-
tenuator placed on its output to reduce interference from the other generator (there

is thus greater than 20dB of attenuation between generators).

Reference 1

I I

: W I

1 1 _

: : DUT = Spectrum

___________ mixer with LO + Analyzer

probe buffer

Reference 2

10dB attenuator

1T

Figure 5.9: IP3 test setup

Data Figure 5.10 plots the collected data. The fundamental output amplitude
is extrapolated along a line of unity slope, while the third-order intermodulation
products are extrapolated along a line with a slope of three, using the products at
higher source power as a reference. From the intersection of the lines, the input-
referred IP3 is about 10dBm. The products at higher source power are used for
extrapolation because they are well above the spectrum analyzer’s noise floor, and
therefore are more certain. The reason the products at low source powers are near

the noise floor is a consequence of the attenuating probe buffer.
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Figure 5.10: Mixer two-tone IP3 measurement

Table 5.1: Standalone-mixer performance summary

LO Frequency 1.4GHz
LO Amplitude * 300mV
Voltage Conversion Gain —3.6dB
SSB Noise Figure 10dB

I1P3 10dBm

Input 1dB Compression —5dBm

Supply Voltage 1.5V
Technology 0.35um CMOS
Die Area f 0.35mm?

*~ —3.5dBm in 100€.
tThe die area includes the area of pads.
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Figure 5.11: Integrated mixer circuit diagram

5.2 An Integrated Mixer

Figure 5.11 shows the circuit diagram of the second mixer prototype. The mixer is
formed by the four transistors, M;—M,, and is placed between an LNA at the RF
port and an IFA at the IF port. The IFA’s input impedance is capacitive and the
LNA’s output impedance is that of a tuned circuit. Because we are in the on-chip
environment, the LNA’s output resistance at the RF can be large, and is &~ 40012

differential in this case.
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Figure 5.12: TIP3 simulation setup

5.2.1 Simulated and Experimental Results

Two simulations are performed on the integrated voltage mixer in a SPICE based
circuit simulator using BSIM3 transistor models. The first is an IP3 test, which
provides the voltage conversion gain and ITP3. The second is a DC simulation of a
single transistor from the mixer quad to find values for & and Vj, in (4.32). Then,
we use (4.49) to estimate noise figure.

Figure 5.12 shows the simulation setup in the circuit simulator. Instead of a single
mixer driven from the LNA and loaded by an IFA, the simulation includes both in-
phase and quadrature mixers. Using two mixers is due to the GPS radio architecture
in Figure 3.4 where the in-phase and quadrature mixers share the same input port.
Therefore, they interact with each other, and their influence on one another must be
captured in the simulation. The IP3 simulation includes a circuit model of the LNA
output, both in-phase and quadrature mixers, IFA loading, and two narrowband

amplifiers, with quadrature outputs to one another, to drive the two mixers. Each
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Figure 5.13: Output intermodulation products for different available source powers
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Figure 5.14: DC switch conductance

block is described at the transistor level in the simulator, but for the purpose of
explaining the simulation, functional blocks are shown in Figure 5.12. Simulations
at different power levels are performed and the fast Fourier transform (FFT) at
the in-phase mixer output is executed to verify that the observed intermodulation
products have a slope of three on a log-log plot. Figure 5.13 displays the FFT
simulation results and Table 5.2 summarizes the simulated voltage conversion gain
and ITP3.

The device conductance simulation is performed with V;, = 0.01V and V,, =
—1.7V. Figure 5.14 displays the actual DC conductance vs. gate voltage and the
approximation we use (k = 0.017 and Vj, = 0.8). Now we have all that is required
to estimate noise figure using (4.49). Our previous simulation provides us with Gy,
in which R;y4 = 40092 and Ao = 0.9V. The value for Vj;, verifies that the mixer is
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Table 5.2: Integrated-mixer performance summary

Simulated Measured
LO Frequency 1.573GHz 1.573GHz
LO Amplitude * 0.9V 0.9V
Voltage Conversion Gain  —7.3dB —7.3dB
SSB Noise Figure 8.1dB 6dB
IIP3 —1.3dBm 4dBm
Supply Voltage 2.5V 2.5V
Technology 0.5um CMOS
Die Area 0.0084mm?

*Single-ended.
t Available source power.

DC biased at its threshold voltage, and the value for k is used with A;o in (4.50)
to evaluate g. Table 5.2 shows the estimated noise figure.

Table 5.2 also contains the results of experimental measurements on the inte-
grated mixer. The data in the table are inferred from signal-path measurements
made at a test point between the filter and limiting amplifier [15]. Comparing the
measured performance to the simulated performance, we find that our estimates for
noise figure and linearity are conservative. This last result in not surprising, since the
MOS models used in simulation can contain discontinuities for certain parameters

at region of operation boundaries.

5.3 Summary

This chapter has shown the performance of two prototype CMOS voltage mixers.
The standalone and integrated mixers confirm the expected performance presented
in Chapter 4. Both designs validate the conversion gain analysis in Chapter 4, and
the integrated design shows that the first-order quantitative noise figure analysis

provides a good, but conservative, estimate.
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We have seen that there is a dramatic difference between the design of a stan-
dalone versus an integrated mixer. In the former, the board, package, bond wires,
and bonding pads all have an impact on performance, and if not accounted for, the
effect can be severe. In contrast, an integrated design affords precise control over the
mixer port terminations, in addition to greater flexibility with port impedances (e.g.,
the LNA’s output resistance is no longer constrained by the 500 board environment).

These benefits motivate integration of the mixer.
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Chapter 6

Dividerless Frequency Synthesis

ART of offering a completely integrated radio solution involves providing a low-
P power, monolithic gigahertz local oscillator. A quartz crystal based oscillator
cannot be used directly for the LO since the fundamental modes of inexpensive
quartz crystals are limited to approximately 30MHz [29], and overtone orders of
50 are impractical. However, a crystal oscillator can be used as the reference in
a static-modulus PLL frequency synthesizer. As is well known, the stability of
the frequency-multiplied reference is retained by a wideband loop. This ability to
synthesize a stable high frequency source is beneficial, but it usually comes at the
expense of significant power consumption. This chapter addresses the power issue by
introducing a new type of phase detector, called an aperture phase detector, capable
of phase locking the synthesizer’s frequency-multiplied output to its reference input,
without the use of a divider. In addition to reducing power, removing the divider
also reduces the PLL’s on-chip interference that is caused by the divider’s large

high-speed digital transitions.

6.1 Loop Basics

Before proceeding to this new loop architecture, we must review the concept of phase
lock. Figure 6.1 shows the block diagram of a general phase-locked loop, which

consists of a phase detector and voltage-controlled oscillator. The input signal,

85
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Figure 6.1: General PLL representation

is represented as a sinusoid with amplitude A;, angular frequency w;, phase ¢;, and
DC level B;. The PLL forces the phase-locked signal, v,(t), to oscillate at w; with

some fixed phase relationship between v;(¢) and v,(t).

Phase lock is accomplished in the following manner. To make v,(¢) oscillate
at w;, the corresponding control voltage must be applied to the VCO. The phase
detector produces a control voltage, v.(t), for the VCO that is a function of the phase
difference between its two inputs. The control voltage servos the VCO’s oscillation
frequency to reduce this phase difference. Lastly, the phase detector maintains the
right control voltage by adjusting to the proper fixed phase relationship between its
inputs.

Once the loop has achieved lock, we desire a more comprehensive understanding
of the phase relationship between input and output. Therefore, in lock, we model
the phase transfer function with the linear time-invariant (LTI) system shown in
Figure 6.2. In the phase domain, for small phase perturbations, the phase detector
behaves as a subtractor, providing a current or voltage at its output proportional
to the phase difference. The phase detector can also include a filter to smooth the
current or voltage before being applied to the VCO. This filter is represented as an
s-domain transfer function, H(s), which can represent a filtering impedance (when
transforming current to voltage) or a voltage filter (when the input is a voltage). The
VCO is modeled as a pure integrator with its own proportionality constant, which
is justified by the following. For a fixed voltage applied to the VCO, the output
frequency is a constant, so phase accrues at a fixed rate. Thus, if the phase is
plotted versus time, without introducing a modulo 27, the result is a ramp. Because

the step response of an integrator is a ramp, the VCO behaves as an integrator when
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Figure 6.2: Basic-PLL LTT block diagram

phase is the output of interest.

The loop’s closed-loop phase transfer function is readily found from Figure 6.2
using feedback theory [30] to be

! (s) _ K K,H(s)
®i(s) s+ KyK,H(s)

(6.2)

Equation (6.2) reveals that incremental input phase changes appear in the output
phase with a gain of near unity for low frequencies. At higher frequencies, the PLL

loses its effectiveness and the output phase is less sensitive to the input phase [31].

For feedback systems, both the closed-loop transfer function and the loop trans-
mission are important. The loop transmission measures the frequency response
(amplitude and phase) of signals that make one trip around the loop [32]. To find it,
we break the loop after the subtractor and find the transfer function from the input,
at the proportional gain block, to the output of the subtractor when the subtractor’s
positive input is zero:

_ K4K,H (s)

I'(s) = — (6.3)

The loop transmission is important because it indicates the PLL’s loop bandwidth
and governs the stability of the loop. The loop bandwidth is the frequency at which
the loop transmission’s magnitude is unity, and also corresponds to the frequency
around which (6.2) departs from its low frequency (i.e., near unity) gain. As hinted,

this frequency corresponds to a bandwidth, because to phase inputs the PLL acts
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Figure 6.3: Integer-N-PLL LTT block diagram

as a filter whose 3dB bandwidth is governed by the loop transmission. The stability
question uses both the loop transmission’s magnitude and phase. The least rigorous
criterion that must be met is to ensure in the design that there is some phase margin®
between / — I'(jw) evaluated at the loop bandwidth and —180°.

If we modify Figure 6.2 by placing a divide-by-N block in the feedback path, as

shown in Figure 6.3, the new closed-loop phase transfer function is

,(s)  NKJK,H(s)
®l(s) sN+ K K,H(s)

(6.4)

Now, when the input phase appears in the output phase, it does so with a scale
factor of N, within the loop bandwidth. A DC gain of N means that the output is
N times the input frequency, since frequency is the derivative of phase. The fact
that the phase-locked signal oscillates at a multiple of the input frequency motivates
the implementation of Figure 6.3’s divide-by-N block with a frequency divider (a
frequency divider necessarily performs both frequency and phase division). But the
divider is an explicit element that would have to be added to the loop. An alternate
approach is to investigate if the phase division can be implicitly performed in the
phase detector. As we see next, the result is that it can, thereby eliminating the

need for an explicit divider to maintain phase lock.

! Typically, the loop bandwidth is designed to be less than one-tenth the loop’s input frequency
to ensure stability.
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Figure 6.4: Integer-N synthesizer architecture

6.2 Architecture

A conventional and widely used implementation of the PLL frequency synthesizer
modeled in Figure 6.3 is the integer-N synthesizer shown in Figure 6.4 [32]. As
seen, it uses an explicit element, separate from the phase detector, to perform the
feedback frequency division. One method to implement the divide-by-N block is
with a single counter. However, power consumption and switching noise are two
drawbacks associated with the divider. Power consumption is large, particularly at
high frequencies, because of the well known C'V?2f relationship [33]. For example, a
recently published 1.6GHz integer-N synthesizer built in a 0.6um CMOS technology
reported a total power consumption of 90mW, of which 22.5mW were used by the
divider [34]. A further disadvantage of the divider is the on-chip interference gener-
ated by its high-speed digital transitions. This noise is particularly worrisome if the

synthesizer is to be integrated with the radio’s sensitive LNA.

To reduce power consumption and high-frequency interference, a windowing tech-
nique that eliminates the divide-by-N block for phase comparisons is investigated.
To appreciate how windowing may be of benefit, it is worthwhile to revisit the phe-
nomenon of locking in a conventional PLL. To retain phase lock, it is necessary to
align every Nth rising or falling edge of the VCO with a corresponding reference
edge. Phase lock is demonstrated in Figure 6.5(a) for N = 4, where every 4th rising
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(a) Phase-locked signals
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(b) Phase lock with a divider and PFD
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(c) PFD alone; negative charge pump current commands the VCO
to decrease its frequency, breaking phase lock

(d) Phase lock with an APD

Figure 6.5: Phase-lock techniques
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Figure 6.6: APD synthesizer architecture

VCO edge lines up with a rising reference edge. A divider with a phase/frequency
detector (PFD) accomplishes edge alignment by first dividing down the VCO by the
right multiple so that edge alignment is unambiguous, as pictured in Figure 6.5(b).
Because the PFD compares phase over the entire reference cycle, a PFD cannot
phase lock two inputs at different frequencies. In fact, it is precisely this property
that makes the PFD popular.

Now consider using a PFD without a divider. Clearly, there would be an edge
ambiguity problem, rendering the PFD quite ineffective as seen in Figure 6.5(c).
The reason is that the PFD responds to every edge of the VCO, evidenced by the
charge pump (CP) current’s net negative value. This current erroneously commands
the VCO to decrease its frequency. However, by restricting the time interval during
which phase is examined, one may eliminate the edge ambiguity, and hence the
frequency divider. The dashed boxes in Figure 6.5(d) define the window during
which phase may be compared, even if the two inputs are of different frequency.
The window can be controlled by the reference timebase since it periodically opens
at that rate. Furthermore, the window need only be wide enough so that a VCO edge
falls within it (i.e., the window’s duration equals the instantaneous VCO period),
however a wider window is easier to implement. No dividers are thus necessary to
maintain phase lock, and this phase detector, called an aperture phase detector, can

operate with two inputs that are at different frequencies, as shown in Figure 6.6.
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Figure 6.7: Ideal APD state diagram
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Figure 6.8: APD synthesizer architecture with integer-N FAA

A more substantive description of the APD’s operation is provided in Figure 6.7,
which illustrates the state diagram for an idealized APD. When the window opens,
the phase detector becomes active. The R-input rising edge sets the L (denoting
“late”) terminal true, and the V-input rising edge sets the E (denoting “early”)
terminal true. Subsequent edges of the V-input are ignored until the next window
opens. The time difference between the rising edges of the L and E signals is propor-
tional to the phase error between the reference and VCO phases. If L is set first, the
VCO phase is late, and conversely, if E is set first, the VCO phase is early. When
the window closes, the L and E terminals are reset (to false).

A consequence of restricting phase comparisons to a window is that some type
of frequency acquisition aid (FAA) is required to bring an APD based loop initially
into lock. Figure 6.5(d) not only shows phase lock, but also that using windowing
eliminates the phase detector’s ability to perform frequency detection. This issue is

discussed in further detail in §6.5. For this work, an external acquisition aid was
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used for experimental purposes. Figure 6.8 shows an integrated implementation of
the acquisition aid that uses the traditional divider with PFD to lock the loop, and
then powers down the FAA, transferring control to the low-power APD. An APD can

be used once in lock because the reference is derived from a stable crystal oscillator.

6.3 Loop Theory

Having provided an overview of the APD’s operation, we now develop a linearized
APD PLL model relating input and output phases. This model is important for
quantitative loop design and ensures that the synthesized output has the desired
stability and noise performance.

From the description of the late and early APD signals given in §6.2, the average

charge pump current over one reference cycle is given by

Wy

id = Ip(tv - tr)%; (65)

where I, is the magnitude of the charge pump current, ¢, is the time of the first
VCO rising edge in the window, t, is the time of the reference rising edge in the
window, and w, is the angular reference frequency. The current, 74, can be expressed
as a function of the reference and VCO phases by relating these phases to ¢, and ¢,

assuming small phase errors. Expressions relating edge time to signal phase are

ty = ——, 6.6
- (6
where 6, is the reference phase, and
0,
ty = ——, 6.7
- (67

where 6, is the VCO phase and w, is the angular VCO frequency. Substituting (6.6)
and (6.7) into (6.5) shows that

iq = 2I—p <0r - 0Uﬂ> . (6.8)

T Wy
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Figure 6.9: APD-PLL LTI block diagram

When the acquisition aid is powered down, after locking the loop to the desired

integer ratio N, w, = Nw, for the APD, giving

A .\ L,
g = % <9, — N) = %06 = Kdee, (69)

where K is the phase detector gain constant. Note that even though there is no
explicit divider in the loop, the VCO phase is divided by N in (6.9), just as in a

conventional loop.

This model from (6.9) can be used in place of the APD in Figure 6.6 and the
other blocks in the same figure can be replaced by their corresponding LTI models,
yielding the overall system model shown in Figure 6.9. Figure 6.9 is a representation
of the APD PLL in lock, from which the phase transfer function is readily found to
be

8,  NKuK,Zp(s)
H =Y = 6.10
(5) 0,  Ns+ KqK,Zp(s)’ (6.10)

where K, is the VCO gain constant, and Zr(s) is the loop filter’s impedance, ex-

pressed in the s-domain.
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6.4 APD+CP Characteristic (i; vs. 6,)

6.4.1 Ideal Edge-Detecting APD

The derivation in §6.3 treats the APD for small phase errors. For completeness, it
is instructive to examine the response of the APD to arbitrary phase errors. Now,
the delay between the time the window opens and the time at which the reference
edge occurs becomes important. This delay is designated by d, which is a positive
quantity whose least restrictive range is limited to [0,7;), where T, is the reference
period. However, the loop can lock if and only if d is in the interval [0, T, ], where T,
is the VCO period. Otherwise, the first VCO edge within the window will always

precede the reference edge.

From Figure 6.10 it is apparent that the characteristic will be periodic in VCO
phase, because when the VCO waveform has moved one VCO period to the right,
the situation is identical to the start. As the VCO waveform moves to the right, the
time difference, t, —t,, varies proportionally with phase error, #.. Therefore, to find
the APD+CP’s characteristic, 6, and ¢4 need to be calculated at only two points

and the remainder of the characteristic is generated by connecting these endpoints.

First, 6, and i4 are calculated for ¢, — t, = —d:
b = —w.d, (6.11)
I
g = ——wpd. 12
td 27Tw (6.12)

Next, 6, and 74 are calculated at the other extreme where t, — t, =T, — d:

b = w.(T,—d), (6.13)
. I,
W = o W (T, — d). (6.14)

From this information, the portion of the APD+CP characteristic shown in Fig-

ure 6.11 can be constructed.
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Figure 6.11: Ideal edge-detecting characteristic over %” interval
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Figure 6.12: APD+CP characteristic for d = % and N =4

The influence of two parameters, d, the delay between the time the window opens
and when the reference edge occurs, and NNV, the ratio between the VCO and refer-
ence frequencies, warrants special attention. Decreasing d shifts the characteristic
diagonally up (along the line of the characteristic), and increasing d shifts the char-
acteristic diagonally down. It is desirable to have d equal to half the synthesized
frequency’s period. By designing for this condition, the APD+CP characteristic will
be centered about 73 = 0, to provide a symmetrical correction range. The parameter
N affects the phase error’s periodicity, with larger values increasing the periodicity.
Figure 6.12 shows the complete APD+CP characteristic (a 27 variation in 6,) for

the specific case where d = % and N =4.
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Figure 6.13: Ideal level-detecting characteristic over % interval

6.4.2 Ideal Level-Detecting APD

Implementation of the APD with edge detectors is preferred, but the APD can also
be built around level detectors. Naturally, changing the detector to sense levels
instead of edges has ramifications on the APD’s behavior. This subsection addresses
the differences.

The first difference is the range of values of d over which the loop can maintain
lock. Because an ideal level detector triggers on sensing a high or low signal, the
VCO’s level detector must trigger by Ly after the window opens. Thus, the loop can
lock if and only if d is in the interval [0, Z].

The APD+CP characteristic is still periodic in VCO phase, but, as we will see,
it is flat for half the VCO phase. For the present analysis, the definitions of ¢, and ¢,
need to be modified slightly. ¢, corresponds to the time of the first high VCO level in
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the window and ¢, corresponds to the first high reference level in the window. Thus,
t, still equals d. As the VCO waveform moves to the right, the time difference ¢, —t,
remains constant with phase error for I radians (while the high VCO level crosses
the left window boundary in Figure 6.10) and varies proportionally with phase error
for another % radians (while the low VCO level crosses the left window boundary
in Figure 6.10). Again, to find the APD+CP’s characteristic, 6, and iy need to be
calculated at only two points and the remainder of the characteristic is generated
by connecting these points to the right, and extending the first point horizontally to
the left. First, 6, and ¢4 are calculated when a VCO rising edge is positioned on the

window’s left boundary:

b, = —wd, (6.15)
: I,

- _?ud 1
iq 2ﬂ_w,nd (6.16)

Next, 6, and ¢4 are calculated when a VCO falling edge is positioned on the window’s

left boundary:

T,
. = wr(é’—d), (6.17)
I, T,
g = 2w (=2 —d). 1
4 5% ( 5 d) (6.18)

Figure 6.13 shows the portion of the APD+CP characteristic generated from this

information. We can see that for symmetric maximum up and down correction

Ty

currents, it is desirable to have d = 7.
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6.5 Subharmonic Lock Modes

During each window, which opens periodically at the reference rate, the APD makes
a single phase comparison. It is this property that allows an APD to phase lock
the VCO’s output to an integer multiple of the reference input. But the ability to
compare the phase of two signals with different frequencies introduces more modes
than just the desired integer lock modes. Additional subharmonic modes occur if
the net current delivered over multiple cycles of the reference is zero, allowing the

loop to stay locked at an undesired frequency [31].

If we designate by M the number of reference cycles over which the net charge
delivered to the loop filter is zero, then an expression relating the reference frequency
to the VCO frequency in lock is Mw, = Nw,. Figure 6.14 displays the points on the
APD characteristic between which the loop ping-pongs for the specific case where
M =2 and N = 7. Because M = 2, the charge pump alternates between pumping
up on one cycle and pumping down on the next cycle, balancing the charge to the

loop filter over two cycles.

These subharmonic lock modes are problematic because they are spaced, in fre-
quency, closer than the neighboring integer modes. However, the APD favors integer
over subharmonic modes for two reasons. First, the loop’s bandwidth itself imposes
a limit on M. If the number of reference cycles over which the charge pump current
averages to zero grows too large, the loop acts on partial information, because the
loop responds to signals averaged over a loop period (defined here as the reciprocal
of the closed-loop bandwidth). Another reason the APD favors integer over sub-
harmonic modes is that the subharmonic modes have a lower detector gain, Ky,
because the VCO edge arrives at a different time in each of the M cycles. If the
APD characteristic is nonlinear, then the overall detector gain is the average of the

M individual linearized detector gains.

Using a frequency acquisition aid to ensure frequency lock eliminates the concern
of locking in a subharmonic mode. Once lock has been achieved, and control trans-

ferred to the APD, the APD is capable of maintaining lock at the desired frequency.
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Figure 6.14: M =2, N = 7 subharmonic lock mode
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Figure 6.15: “Effective” APD window
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Figure 6.16: Common loop filter

6.6 OQOut-of-Lock Behavior

Analyzing the behavior of the APD when it is not in lock reveals a unique frequency-
detection response. The procedure to determine the out-of-lock behavior is the
following. The loop is broken at the VCO input and a fixed control voltage is applied
to the VCO. The average charge pump current over one reference cycle changes each
cycle when the VCO frequency is not harmonically related to the reference frequency.
By determining the average charge pump current over many cycles of the reference
(on the order of a loop period), we get an indication of the direction and rate of
change to VCO frequency that the loop is trying to make.? Using this information
in conjunction with the mathematical expression for a VCO yields the APD PLL’s

frequency-detection response.

2Having a fixed VCO frequency during this interval is valid, because macroscopic loop behavior
occurs on a time scale commensurate with the loop period.
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To develop this open-loop analysis, it is instructive to begin with Figure 6.15,
which is a picture of the “effective” APD window. The window’s effective time
duration is one VCO period, since a VCO edge must arrive within one period of the
window’s opening. The time ¢ = 0 is selected to coincide with the reference rising
edge, which always occurs a fixed time d after the window opens. If we designate
the positions of the VCO rising edges with Xs, then after a loop period the Xs
appear uniformly distributed throughout the window. To see this edge distribution,
Figure 6.15 shows the position of the first VCO rising edge observed in this analysis
(the X with a 1 under it). The second edge occurs at a different location (assuming
the VCO frequency is not an integer multiple of the reference frequency), a distance
At from the first. Subsequent edges propagate with a separation of At, rotating
through the window, to the point where it appears the edges are evenly distributed
in the window. Therefore, the average time difference between a VCO edge and a

reference edge is

T,
fy—tr =5 —d. (6.19)

From (6.5), the average charge pump current is

= (2 . d> . (6.20)

2T 2

Now, assuming a typical 2nd-order loop filter as shown in Figure 6.16, the average

control line voltage is

1 — Lw T,
Vo= —— | igdt t=—"F"_ (2 _d dt t. 6.21
T C’1+C’2/Zd + cons 271 + Cy) (2 >/ + cons (6.21)

Returning to the VCO, its instantaneous output frequency is

0 K,
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which represents a linearized VCO characteristic. Differentiating (6.22) to get an

expression that describes the rate of change of the VCO’s output frequency gives

d_fv B &dAvc
dt 27 dt

(6.23)

If we close the loop from the open-loop condition, the VCQO’s control voltage
begins to move, affecting the VCO’s output frequency. Since the dynamics of this
process are governed by the loop filter, (6.21) can be differentiated and that result
used for 45% [35]. Replacing %% with €= in (6.23) yields the following differential
equation descr1b1ng the APD PLL S frequency response:

df,  K,Lw, 1
& @G+ G (ﬁ - d) ‘ (6.24)

We now consider analytical and graphical solutions to (6.24).

6.6.1 Analytic Solution

Separating variables and integrating (6.24) results in a transcendental equation:

—fo 1 Kolpw,
In|1— 2df,| = ¢ £ 2
PR i Rl o= oA L (6.25)

Notice that the argument of the natural log term becomes zero when f, = 21—d. It
turns out that f, = 2171 is the steady-state solution of (6.24), and it is therefore clear
that the natural log term should dominate towards the end of the frequency-sweep

Process.

Thus, to proceed further with the analytical solution, the linear term in (6.25)

is dropped, allowing f, to be solved in terms of ¢

1 Kolpwyd?

1. _ Kolpurd®
Folt) = 57 + (fo(0) = 5o)e *reen, (6.26)
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where f,(0) is the initial instantaneous VCO frequency. The time constant of the

exponential in (6.26),

_ 271'2(01 + 02)

- 2
T TR L, (6.27)

allows us to estimate roughly the amount of time the loop takes to reach f, = %j,

i.e. &~ 4-5 time constants, during its sweep.
In §6.6.2, we will graphically compare the exact solution to this approximate
solution. We shall see that the approximate solution is a good estimate of the real

solution, and is thus a useful engineering approximation.

6.6.2 Graphical Solution

The solution to (6.24) with specific parameter values (see Table 6.1) and initial
condition is presented in Figure 6.17, along with (6.26). Both curves settle to the
same oscillation frequency of ;3. From (6.20), it is clear that 74 = 0 if T, = 2d.
Intuitively, if there is no average current delivered to the loop filter, the control

voltage does not change and the VCO’s output frequency remains constant. This

frequency, f, = 5, is thus the steady-state solution of (6.24). For f, > 5, the
VCO’s frequency decreases towards f, = i; for f, < i, the VCO’s frequency

increases towards f, = 2id.

It is important to realize that the steady-state frequency to which the APD PLL

, i, may not be the same as the desired lock frequency, Nw,. It is difficult
to design the APD to have 2171 = Nuw, in general. Also, as frequency sweeps, the

loop passes through other potential lock modes (both integer and subharmonic),

sweeps

and there is always some chance that the loop may enter one of these modes. This
uncertainty reinforces the need for an FAA to ensure that the loop reaches the desired

lock frequency.
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Table 6.1: Parameter values and initial condition for Figure 6.17

fr 100MHz

d 300ps

I, 100uA

K, 27(1.2 x 10%)rad/s/V
Cl + 02 20pF

1.7

— solution to (6.24)
- - — equation (6.26)

1.6

s = s
w B a1

Oscillation frequency (Hz)

=
(S

11

l 1 1 1 1
0 0.2 0.4 0.6 0.8 1

Time (s) %10

Figure 6.17: APD-PLL frequency sweep
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6.7 Summary

In this chapter, we have presented a new technique for frequency synthesis that uses
an aperture phase detector. It is interesting to discover that even though a divider
is not present in the feedback path, the LTI system in lock is identical to that of a
loop with a divider. This architecture trades off improved power consumption and
reduced interference for added complexity in frequency acquisition. The requirement
of a frequency acquisition aid follows from the analysis which reveals the loop’s ability
to lock in subharmonic modes.

A final point is that, if an FAA is present, it can be made programmable to allow
synthesis of multiple output frequencies, since the APD can maintain phase lock to
any integer multiple of the reference frequency. Again, the FAA only needs to be

active when switching between integer lock modes.
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Chapter 7

An Experimental APD PLL

HE new loop architecture described in Chapter 6 was fabricated in a 0.5um
T single-poly, triple-metal, CMOS process that has high-density capacitors and
salicided-poly resistors. The APD PLL is the frequency synthesizer for the GPS radio
shown in Figure 7.1, and as such, its frequency plan was tailored to the radio’s low-
IF architecture. Eliminating the need for a divider in the PLL allows the synthesis
of a 1.573GHz output using only 36mW of power in this technology.

Whereas Chapter 6 focused on theory, this chapter focuses on implementation, on
relevant simulations for loop characterization, and application of the existing body of
knowledge for loop design. Lastly, we conclude with a presentation of measurement

results.

7.1 Design

7.1.1 Aperture Phase Detector

Figure 7.2 shows a circuit implementation of an APD. The reference clock is shaped
by the structure preceding the delay to have fast falling edges, since these are the
edges that enable the precharged gates. When the reference input is low, M; is off
and M, is on, causing the output to be high. After the reference rises, M5 shuts off
before M; turns on due to the two inverter delays. Therefore, M; does not fight

111
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Figure 7.1: GPS radio architecture
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7.1: Design

Figure 7.2: APD circuit diagram

Figure 7.3: APD timing diagram
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M, to pull the output low, and creates a fast falling edge which opens the window.
The delay, d, between the opening of the window and the location of the reference
edge is determined by the subcircuit shown within the dashed box in Figure 7.2.
The APD uses two precharged gates to evaluate the reference and VCO phases. An
advantage of such gates is that they respond only once when activated, which is ideal
for examining the VCO phase. In this case, the gates are precharged low, and rise
on detection of low levels (a better implementation would use a precharged flipflop
[36] to enable edge detection). Also, the precharge action does not affect the loop to
first order, because the state L=1, E=1 has the same action as the state L=0, E=0.
That is, for both these cases, the charge pump does not deliver any current to the

loop filter.

To further understand this circuit, Figure 7.3 displays the APD’s operational
waveforms at the nodes labeled A, B, C, L, and E in Figure 7.2. The waveform at
node A is the windowing signal that indicates when the precharge gates are active.
In this case, the gates precharge when A is high and are active when A is low. The
waveform labeled B is just a delayed version of A, and feeds into Figure 7.2’s top
precharge gate. Because the gates respond to low levels, the falling B edge causes a
rising L edge a brief time later. The action between the C and E signals is similar to
the effect B has on L. The C signal is the VCO output, which is a full-swing sinusoid.
The first low period of C after the bottom precharge gate is activated causes E to
rise. Both L and E are reset at the same time when A falls, initiating the precharge
mode. Notice that in Figure 7.3, we see a phase lock condition for a VCO signal at

four times the reference frequency.

It is important to identify the differences between this circuit implementation and
the ideal edge-detecting APD circuit, discussed in §6.4.1. One difference is that the
circuit implementation responds to falling edges instead of rising edges. Changing
the type of edge to which the phase detector responds does not alter it from being
ideal. But if we look at the precise operation of the APD in Figure 7.2, we see that
the precharged gates act as level detectors instead of as edge detectors, which is less

desirable.
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Figure 7.4: Simulated APD+CP characteristic for circuit of Figure 7.2

A simulation of the APD+CP characteristic over a %” interval is shown in Fig-
ure 7.4, where N = 11. The phase error, 6., is plotted against the average charge-
pump current over one cycle, i4, and includes the nonidealities of the charge pump
as well. The flat section near —0.2 radians is where the E signal driving the charge
pump is compressing due to the level-detection nature of the precharged gates. An-
other imperfection in this circuit’s APD characteristic is the section with finite neg-
ative slope, instead of a discontinuity. From the characteristic, the phase detector’s

gain constant, Ky, in a state of zero static phase error (6, = 0) is evaluated to be
7.4pA /rad.
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Figure 7.5: Charge-pump circuit diagram

7.1.2 Charge Pump

Figure 7.5 is a schematic of the loop’s differential charge pump. The current-source
loads employ a static pull down that determines the common-mode output level (see
Figure 7.6). The pump circuit proper is shown in Figure 7.7.

An important design requirement for locking is to ensure that the pump current
can overcome any static offset currents.! The source of the unwanted currents is

mismatch in the bias circuitry. A mathematical expression of this requirement is
min(maz(iq), max(—iq)) > I, (7.1)

where I is the static offset-current magnitude. The expression on the left points out
that since I is random, the worst case scenario needs to be accommodated. In this
worst case, the charge pump uses its smaller extreme (see Figure 7.4) to balance ;.
Appendix C quantifies I, which determines the minimum pump current.

We now focus on the differential-pair structure on the bottom of Figure 7.7. The

pump circuit pulls current from the loop filter if and only if D is high and U is low.

Tt is possible that this criterion is automatically met when the PLL is designed to meet specified
levels for its reference spurs.



7.1: Design

\/
A

1
LT

tl |

Figure 7.6: Charge-pump bias circuitry

H[T 5??

2%,

Figure 7.7: Pump circuit

117



118 Chapter 7: An Experimental APD PLL

Anytime U is high, current is drawn instead from the supply. The net result is that
the loop-filter voltage is decreased in proportion to the time that D is high while U is

low. The complementary pump circuit, with U and D reversed, is seen in Figure 7.5.

A cascode device included in the pump current’s path to the loop filter provides
two benefits. First, it eliminates feedthrough of the U and D transitions to the
output. On a low-to-high transition, the cascode device is off, so an increase in
the cascode’s source voltage has no effect. Also, the high-to-low transitions of U
and D occur simultaneously, so the balanced nature of the charge pump causes
the differential output to remain unchanged. Second, the cascode device reduces
loop-filter leakage by increasing output resistance. It allows lower leakage without
having to increase the lengths of the differential-pair devices, which would increase

the capacitance of the U and D inputs.

A worthwhile pump-circuit simulation, which indicates how close to ideal it be-
haves, is to keep U fixed and sweep the D input-signal low-to-high transition time,
tp. This simulation yields the total charge delivered to the loop filter versus the
time difference between the D and U transitions, tp — ty. Ideally, this plot would
be a straight line with a slope equal to the charge pump current. We performed
this simulation sweeping tp from —500ps to 50ps relative to ty. The D transition
extends to 50ps past the U transition because non-negligible charge can affect the

loop filter until this point.

Figure 7.8 displays the results of this simulation, accounting for the operation
of both pump circuits. Note that the slope is not constant, and increases by nearly
a factor of two for small separations between U and D. The increase in slope is
due to an overpull effect present in the pump circuit of Figure 7.7. When D rises,
there is significant charge pulled to bring the differential pair’s source voltage to its
steady-state value, in addition to the charge ordinarily pulled from the loop filter.
For larger separations between U and D, the overpull leads to a fixed offset in the
amount of charged delivered, but does not affect the slope. The increase in slope
near tp — ty = 0 translates into a higher K, which can be twice what is expected

from equation (6.8).
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Figure 7.9: VCO circuit diagram

7.1.3 Voltage-Controlled Oscillator

A fully integrated VCO was designed for the PLL. It can be divided into four parts
as shown in Figure 7.9: a preamplifier, the oscillator core, a postbuffer, and another

postbuffer with automatic gain control (AGC).

The VCO architecture is built around a cross-coupled NMOS pair that has in-
ductive loads. The inductor design is a key part of the VCO design, and techniques
to improve on-chip spiral inductors are used. An example of one technique is the
placement of a patterned ground shield below the spiral inductor [37]. The inductors
have an inductance of 6.9nH with wL/R equal to 8.5 at 1.573GHz. The parasitic
capacitance between an inductor and its patterned ground shield is absorbed as
part of the LC tank capacitance [38]. Simulations indicate that the effective parallel
resistance of the tank is 57012, yielding an effective @ of 8 at 1.573GHz.

The core’s bias current is provided through the preamplifier, which contains a

feedback loop that servos a current source connected to the core. By comparing
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Figure 7.10: Simulated VCO characteristic for circuit of Figure 7.9

the common-mode voltage at the preamplifier’s output to a reference, the correct
current is delivered to the oscillator. This bias scheme also allows the differential

output of the preamplifier to be used as the VCO’s voltage control mechanism.

The core’s tuning is achieved with the use of n-type accumulation-mode capac-
itors to keep @ high [39]. Models for n-type accumulation-mode capacitors were
not available, so PMOS transistor models were used in the VCO and APD-PLL
simulations. Figure 7.10 shows the simulated VCO characteristic from which the
VCO’s gain constant, K,, at an oscillation frequency of 1.57542GHz is calculated to
be 2m(1.2 x 10°) rad/s/V.
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7.1.4 Phase-Locked Loop

Section 6.3 developed a general model for a locked APD PLL, expressing the closed-
loop phase transfer function in terms of the loop filter’s s-domain impedance and
an idealized VCO. We now provide specific expressions for the loop as actually

implemented.
The loop filter used is the conventional network shown in Figure 6.16, whose
s-domain impedance is
1+ SRCl
(Cy + Cy)s (1 + sR 12 )

C1+C2

Zp(s) = (7.2)

For the VCO, a single-pole amplifier interfaces with the VCQO’s varactor, thus the
ideal VCO transfer function, %, must be modified to
K,
s (1 + m> ’
where f34p is the 3dB bandwidth of the VCO’s preamplifier. Using (7.2) and (7.3) in

(6.10) enables us to write the complete phase transfer function of the implemented
APD PLL as

(7.3)

NKdKo(l + SRCl)
N(C, + Cy)s? (1 L s ) (1 " sRClecgz) + K4K,(1+ sRC))

27 f34p

H(s) = (7.4)

In §7.2, we will compare measured data to (7.4).

Table 7.1 shows the designed values of the seven loop parameters. The loop’s
reference frequency is 143MHz, from which a 1.573GHz signal is synthesized, so that
N is 11. The phase detector’s gain constant, K, is taken from Figure 7.4 for zero
static phase error (6, = 0). The VCO’s gain constant, K,, is taken from Figure 7.10,
where the slope is found for an oscillation frequency of 1.573GHz. And finally, the
loop filter parameters, R, C1, and Cs, are set to their designed values and f34p is

calculated from the technology data.
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Table 7.1: Designed loop-parameter values
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Figure 7.11: Loop-transmission magnitude and phase vs. frequency
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Using the design values in Table 7.1, Bode plots of the loop transmission, |T'(jw)|
and /I'(jw), are generated and displayed in Figure 7.11. They indicate a design
loop bandwidth of 5.9MHz (the frequency at which the loop-transmission magnitude
crosses 0dB), and a design phase margin of 37° (the loop-transmission phase at the
loop bandwidth).

7.2 Experimental Results

A test chip containing a copy of the GPS-radio APD PLL, shown in Figure 7.12,
is used for evaluation. On the same die, there is also a copy of the PLL’s internal
VCO, shown in Figure 7.13. Three separate tests are performed: one to characterize
the VCO, one to verify the APD PLL’s derived closed-loop transfer function, (7.4),
and one to observe the synthesized LO spectrum for the GPS radio. In the last test,
the synthesized LO is also checked with a microwave frequency counter to verify its

long-term stability.

Figure 7.12: GPS-radio test-chip die photo showing APD PLL
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Figure 7.13: GPS-radio test-chip die photo showing VCO

7.2.1 VCO Characteristic

Figure 7.14 diagrams the experimental setup for the first test. Oscillation frequency
is measured with the HP8563E spectrum analyzer. The recorded data is displayed
in Figure 7.15. The difference between the x-axis in Figure 7.10, the simulated
VCO characteristic, and Figure 7.15, the measured VCO characteristic, is due to a
static offset added to the preamplifier output for the purpose of making a 1.573GHz
oscillation frequency correspond approximately to a 0V differential control voltage.
Because the preamplifier has a gain of —5, the control voltage must be multiplied

by this factor to find the voltage across the accumulation-mode capacitors.

r&

tH Spectrum
Balun
— veo = Analyzer

Figure 7.14: VCO test setup
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Figure 7.15: Measured VCO characteristic for circuit of Figure 7.9

The straight line in Figure 7.15 has a slope of 1.2GHz/V resulting in

rad
K, =2n(1.2 % 10%)—. 7.5
n(1.2510°)°7 (75)
The minimum and maximum oscillation frequency, fin and fiez, are 1.505GHz and

1.745GHz, respectively. The VCO tuning range is therefore

fmaa: - fmm
2———"-100% = 14.8%. 7.6
fmaz + fmm ( )

In the process of characterizing the signal path (see Figure 7.1), the radio’s
performance in the presence of a strong interferer, or blocker, is measured (see

Figure 7.16). For the offsets shown, the limiting mechanism is the phase noise of
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Figure 7.16: Radio 1dB blocking performance

the PLL’s VCO, as these offsets are outside the loop bandwidth. At 35MHz, the
blocking source power that results in a 1dB increase in the noise floor is —35dBm.
Using —174dBm/Hz as the input thermal-noise level and a radio noise figure of
2.9dB results in a maximum phase noise of —140dBc/Hz at 35MHz offset. This
performance is not the best that can be achieved, and can be attributed to noise

from the preamplifier in the oscillator core.
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Figure 7.17: PLL test setup #1

7.2.2 Closed-Loop Phase Transfer Function

Figure 7.17 shows the experimental setup for the second test. Phase noise is mea-
sured for offsets from 1kHz to 10MHz with the HP8563E spectrum analyzer, which
has special phase-noise measurement software. Ten MHz is used as the upper limit
since the loop is designed to have a bandwidth less than 10MHz. Beyond the loop
bandwidth, the PLL phase noise is determined by the VCO phase noise, making
measurement, of the PLL transfer function difficult. One of the largest factors af-
fecting measurement accuracy is the instrument noise floor. To minimize this error
source, measurements of the floor with a clean source are performed first. These
results are later used to calibrate the data. The reference’s phase noise and the
APD PLL’s phase noise are also both measured. After some data processing, the

closed-loop phase transfer function, H(s), is determined.

Figure 7.18 shows the measured H(f) as well as the theoretical predictions of
(7.4), for the case where the reference frequency is 143MHz and the VCO frequency
is 1.573GHz (N = 11). The seven loop parameters are set as follows in (7.4): N
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Figure 7.18: Measured and predicted |H(f)]

is known; K, is taken from measured VCO data; R, C;, and C; are taken to be
their designed loop-filter values; fs3gp is calculated from the technology data; and
K, is fit. The fit value of K, 6.6uA /rad, is a little less than the simulated value
noted in Table 7.1, 7.4uA /rad. Since K; = ;—; for an ideal APD, one might argue
that the discrepancy in K, is due to an actual pump current that is lower than the
value used in simulations. But when I, is measured, it is found to be correct. Still,
the discrepancy in Ky is readily explained. The simulation establishes an upper
bound on K, because it is measured in a state of zero static phase error. But the
simulated APD+CP characteristic of Figure 7.4 illustrates that the detector gain
decreases the farther one departs from zero radians. The charge pump is known to
have some offset, and there is thus some static phase error in lock, resulting in a

slightly lower K.
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Figure 7.19: PLL test setup #2

7.2.3 Local Oscillator Spectrum

Figure 7.19 shows the experimental setup for the third test. The LO spectrum is
measured with the HP8563E spectrum analyzer and the frequency is checked with
an HP5350B microwave frequency counter. Figure 7.20 displays the synthesized
output spectrum, in which the PLL’s ability to track the low close-in phase noise
of the reference can be seen. The visible skirts are due to the VCO’s phase noise
outside the PLL’s 6MHz bandwidth. Spurious tones at —47dBc are primarily due
to control-line ripple resulting from charge pump leakage. For GPS applications
the measured spurious level is acceptable because of the absence of blockers at the
corresponding offset frequencies. In more demanding applications, one may reduce
control-line ripple through improved charge-pump design and the use of analog phase
interpolation (API) [32].

Table 7.2 provides a summary of the APD PLL performance. The APD PLL
has a wide bandwidth of 6MHz and the APD circuit consumes only one-quarter of
the total 36mW synthesizer power. With the elimination of the divider, the main
power consumer in the synthesizer is now the VCO.

In order to interpret this loop power consumption properly, one must recognize
that power is saved by removing a nearly fixed consumer from the loop. In this
0.5um technology, a frequency divider operating with an input frequency of roughly
1.6GHz at 2.5V, and implementing divides greater than 10, consumes approximately
15-20mW. Thus, if the loop described here included a divider, its total power con-

sumption would be about 51-56mW. The savings ratio in this case can be misleading,
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Figure 7.20: LO spectrum

because if we start with an APD PLL that consumes less power (e.g., if the VCO
design is more power efficient) then the ratio of powers with and without a divider

can be greater than the roughly 1.5 factor that we have here.
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Table 7.2: Measured APD-PLL performance

APD PLL

Synthesized frequency
Reference frequency
Loop bandwidth

f ref SpUr

2 % frep spur

VCO power consumption

Total power consumption *

LO leakage @ LNA input
Die area
Technology

VCoO
Gain constant, K,
Tuning range
Phase noise @ 35MHz
Power consumption:
preamplifier
core
postbuffer
postbuffer with AGC

1.573GHz
143MHz
6MHz

< —45dBc
< —55dBc
26mW
36mW

~ —53dBm
3.1lmm?

0.5um CMOS

2m(1.2 % 10%)rad/s/V
240MHz
< —140dBc/Hz

5.5mW
5.0mW
2.5mW
12.5mW

*2.5V supply.

114.8% with center frequency of 1.625GHz.
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7.3 Summary

This chapter covered an implementation of a dividerless frequency synthesizer. CMOS
is a good technology for the synthesizer, because the aperture phase detector can be
designed with precharged gates, easing aperture timing requirements. By using an
APD in place of the divider and phase/frequency detector, we see that the charge
pump’s design requirements change. Specifically, the time difference between the
APD’s E and L output signals, i.e., the pump duration, is very small (on the order
of the VCO period). This duration is in contrast to that of a phase/frequency de-
tector which can have pump times on the order of the reference period. Therefore,
static mismatch current in the charge pump is a more significant issue for APD
based loops. On the other hand, the requirement of minimum PFD U and D pulse
widths, to prevent a deadzone in the phase detector characteristic, is not an issue
for the APD’s E and L signals. Finally, we showed that measured results on the

actual implementation agree with the theoretical model from Chapter 6.
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Chapter 8
Conclusion

‘ N TE have discussed two promising new architectures for frequency conversion

and synthesis in the context of the first single-chip CMOS GPS radio. These
techniques, presented in Chapters 4 through 7, enable the radio to consume only
115mW in a 0.5um technology. We now conclude with a summary of the voltage

mixer and dividerless frequency synthesizer.

8.1 Summary

The double-balanced CMOS voltage mixer is constructed from four transistors and is
ideally suited for CMOS processes since MOS transistors function as excellent volt-
age switches. In contrast, bipolar junction transistors are better suited to steering
currents. Recognizing the inherent difference between a MOS and bipolar junction
transistor, we can see why the Gilbert-type mixer, based on commutating current,
is ubiquitous in bipolar radios but not in CMOS radios. In fact, the voltage mixer
exceeds the performance of the Gilbert-type mixer when implemented in CMOS in
all metrics except conversion gain.

Although conversion gain is a concern for the voltage mixer, our analysis shows
that improved conversion gain is achieved with capacitive loading. In fact, it is

interesting to note that the commutating mixer can achieve a conversion gain of
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one. This result contradicts a prior understanding that limited the maximum con-
version gain to % While its low conversion gain compared to other architectures
may be perceived as a disadvantage, the fact that the voltage mixer consumes very
little power and requires no static bias current for the quad, makes the gain sacrifice
worthwhile. It also achieves SSB noise figures on the order of 6dB with good lin-
earity, determined by the L.O drive amplitude. Thus, this architecture delivers wide

dynamic range with minimal power consumption.

The voltage mixer addresses the need for a low-power frequency conversion archi-
tecture and similarly, the aperture phase detector provides a method for low-power
frequency synthesis by eliminating the need for a power consuming divider. It is
interesting to discover that phase lock can be maintained between two signals with
dissimilar frequencies using a windowing technique to measure phase errors. As
anticipated, an APD PLL has the same LTI model in lock as a loop containing
a divide-by-N block. The implications to a loop based on this phase detector are

reduced power consumption and on-chip interference from a digital divider.

In the course of this work, other important characteristics of the APD were dis-
covered. Its unique out-of-lock behavior indicates a desire to sweep to a frequency
related to window timings rather than the desired integer reference multiple. Fur-
thermore, investigation of an APD PLL shows that the loop can lock to subharmonic
integer multiples or reference subharmonics. These insights explain a fundamental
need for a frequency acquisition aid to initially lock the loop to the proper output

frequency.

8.2 Further Research

For robustness, the frequency acquisition aid (FAA) currently needs to be periodi-
cally activated to verify that the loop is still in lock or if it has lost lock, to re-lock
the loop. An advance to this approach is enabled if an out-of-lock detector can be
designed for the APD PLL. It would signal when the FAA needs to be powered on
to bring the loop back to lock.
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Figure 8.1: APD characteristic for one VCO period divided into regions

One difficulty in designing the out-of-lock detector is differentiating between an
integer and subharmonic lock mode. If the APD PLL is in a subharmonic mode,
the out-of-lock detector should signal the FAA to turn on. As a starting point, we
return to an observation that was made in §6.5. The VCO edge position within the
window changes from cycle to cycle if the loop is locked in a subharmonic mode.
It also moves when the APD PLL is out-of-lock. Thus, if the out-of-lock detector
can detect this motion, it can signal that the loop is either not locked or stuck in a

subharmonic mode, both of which require the FAA to be started.

One strategy to detect this movement is to divide the APD characteristic into
regions, as shown in Figure 8.1, using the APD’s L and E output signals. The out-of-
lock detector would be a state machine using this region knowledge to implement its

out-of-lock determining algorithm. Since the state machine is clocked at the reference
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frequency, its additional power consumption is minimal and its design complexity is

eased compared to that of a much higher frequency divider.



Appendix A

Mixer Core’s Impulse Response

and Superposition Integral

An impulse is applied to the circuit in Figure 4.23 at time 7, vp(t) = 6(t — 7).
To determine the initial voltage produced on Cp, the Thévenin equivalent circuit is

transformed into a Norton equivalent circuit with the following short circuit current:
in(t) = gr(t)vr(t) = gr(r)o(t — 1) (A.1)

The total charge delivered to the capacitor, as a result of the impulse in voltage, is
gr(7) coulombs. This charge produces an initial voltage of gr(7)/Cy, volts on Cy, at
time 7. Then, the following differential equation describes the circuit’s response to
this initial condition:

dvif (t)
dt

Cr = —gr(t)vy(t) (A.2)

The solution has the form h(t) = Ae~f(®). Combining the initial condition with this

solution, and noting that the system is causal, yields

t g7 (s)
h(t,T) = —gTC(T)efT Gyt — 1) (A.3)
L
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where u(t) is the unit step function. Finally, using (A.3) in the superposition integral

produces

t t 97 (s)
vif (t) =/ gTC—(Z)efT L dsm(T)’Urf(T)dT (A4)

Some useful manipulations are enabled if gr(t) is written as
(e}
gr(t) =gr + Zancos(anLot + ¢n) = g7 + 97(t) (A.5)
n=1

where gr is the DC level of gr(t). Furthermore, the integral of gr(¢) will be called
fr(t):

}‘;(t) O iansz’n(n2wLot+¢n) LK (A.6)

2wro - ngr

where K is an arbitrary constant. These modifications allow us to write

) [t o= 7T Fr(r)
vg(t) =e & / Ir ST
— CL

gr(7)

ar

(A7)

m(T) vy (T)dT

This last result warrants close attention. The exponentials involving }; have a
coefficient that multiplies a series of normalized sinusoids. This coefficient is equal

to

gr
A8
2wroCL (4.8)
and gives rise to three cases: if it is much less than 1, the exponentials involving ;‘;
reduce to 1; if it is much greater than 1, the result for C', = 0 should be used; or if
it is between these two extremes, the impact of the two exponential terms involving

fr is ambiguous.
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Break-before-make Conversion

Gain

Figure 4.25(a) shows the modified mixing function for a break-before-make drive.
Since this waveform has quarter-wave symmetry, we can focus on a quarter period
to determine its Fourier series, as shown in Figure B.1. Notice that the modified

mixing function becomes zero at a time prior to Tfl—o. We can solve for this time by

evaluating
ALO COS(27TfLot) + BLO = V;gh (Bl)
for t:
T Vihn — B T
t= QLWO cos ™ < thALo LO) = 21;_0 cos ™ (r). (B.2)

From Figure B.1, the magnitude of the modified mixing function’s Fourier trans-

form evaluated at the LO frequency is

Tro -1
4 2w () Ao cos(27 frot) + Bro — Van
, _ / cos(2m frot)dt. (B.3
|IM (fL0)| TLO 0 ALO + BLO — Vvth ( fLO ) ( )
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0 Tio

cos ™ (r)

Figure B.1: Quarter period of modified mixing function

sin

COos

Figure B.2: Trigonometric relationships
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The two integral forms in (B.3) evaluate as:

=LO cos—1(r) T
/ cos(2m frot)dt = % sin(cos™*(r))
™

and

20 cos—1(r) Tro Tro
/ cos?(2m frot)dt = —= cos *(r) + =r sin(2 cos ™' (r)).
0 i T

Two useful trigonometric equalities are apparent from Figure B.2:
sin(cos (r)) = V1 —r2
and
sin(2cos (1)) = 2rv1 — 72,
Using (B.6) with (B.4) and (B.7) with (B.5) in (B.3) gives

Vi1
— |t

Aro
m(Aro + Bro — Vi)

2(Bro — Vi)
vV1—r2
m(ALo + Bro — Vi)

cos 1(r) +

‘MI(fLO)| =

Next, by definition

ALO + Bro — Vi
TLO fo oo " Ao cos(2m frot) + Bro — Vthdt

A_
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(B.4)

(B.5)

(B.6)

(B.7)

(B.8)

(B.9)

where the term in the numerator is the LO drive’s peak value minus the switch

threshold voltage, and the term in the denominator is the average value of a waveform

with shape and peak value of the numerator as in Figure 4.21. Evaluating the integral

in the denominator yields

_ 7m(ALo + Bro — Vi)
2[ALovV1 =12+ (Bro — Vin) cos_l(r)]'

(B.10)
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The product of (B.8) and (B.10) is

AM (F10)] = Apo(cos™(r) +7v/1 —712) + 2(Bro — Vip)V1 — 7“2. (B.11)

2[ALovV1 =712+ (Bro — Vi) cos~1(r)]

Dividing all terms by Ao and recognizing that BL#_OV“I = r yields

cos7i(r) —ryv/1— 12
2[v1 — 72 — rcos*l(r)]’

which is the conversion gain for a break-before-make LO drive when the average

AIM'(fro)l = (B.12)

mixer bandwidth is much less than the LO frequency. One last note is that if the
average mixer bandwidth is also less than or equal to the IF, then the conversion

gain will be lower (see Figure 4.27).



Appendix C

De-Embedding Noise Figure for

the Standalone Mixer

Figure C.1 partitions the experimental setup that was used to measure the noise
figure of the standalone mixer into three distinct blocks. For each block, there is
an associated available power gain GG, noise factor F', RF source resistance R that
matches the block’s input, and RF output resistance R, assuming R, is present. The

noise figure measured by the meter for this setup is

-1 n ;-1
GaI GaIGaZ.

Fmeter = Fl + (Cl)

] DUT: [
passive components Eixn;?tccc?re passive components
J probe buffer 1
Ga Gaz Gas
Fi= N P2 Fs= L
G, G,
R =500 R ,=100Q R =100Q
R ,,=100Q R ,=100Q R ;3= 500

Figure C.1: Partition of experimental setup
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T match mixer core probe buffer>

A A

Ap

m

Figure C.2: Partition of DUT

The DUT’s noise figure, F3, is the unknown to be solved for, and is isolated such

that

F; -1

Fy = Ga1 | Frneter — F1 —
2 1 t 1 Ga1Ga2

+1. (C.2)

G.; and G,3 are measured during testing, and hence F; and Fj are known. But G,»

needs to be calculated before F5 can be determined.
By definition,

P a02

Ga? = P )
ai2

(C.3)

where in Figure C.2 P,;, is the available input power and P, is the available output

power. We can write

V2
Pyp= — C.4
? 7 4(100Q) (C-4)
and
(AfAmAyV)?
P, = 1Tm7b" ) .
ao2 16(100Q) (C.5)
which yields
ArA, A)?
Gy = ArAn )] (C.6)

4
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noiseless noiseless
e I
va
: T match mixer core
A f A m
(a) Input-referred voltage noise sources in DUT
noiseless
[
2
Vin
: T match mixer core
A f A m

(b) Input-referred voltage noise of mixer

Figure C.3: DUT noise sources

The product A;A,, A, can be found from measurement, in which the As are the
voltage gains of blocks within the DUT.

Now that F5 can be calculated from the meter’s reading, the noise from the probe
buffer must be removed to arrive at the mixer’s noise figure. Using Figure C.3(a),

we can express the DUT’s noise figure as

02 2
vZ, Uh

F=1
> = 1 T1000 T KT1000(A; A2

(C.7)

where v,, and v, are the input-referred voltage noises for the mixer and probe buffer,

respectively. The product AyA,, can be calculated, since the product AsA, A, is
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i _—

vZ = 4KT 500
500

ImYgs ii = 4KTy gy

Figure C.4: Small-signal model of probe buffer and noise sources

measured and Ay is known from simulations. Figure C.3(b) shows that the mixer’s

noise figure is

v2,
Fo=1+-—m _ C.8
* 4kT10052 (C-8)
Noticing that the expression for F,, appears in (C.7) gives
F,=F,+ v (C.9)
2T T T RT1000(Af A )2 '
This time, F}, is the unknown to be solved for and is isolated such that
F,=F,— v (C.10)
™2 RT100Q(AAR)? '

All that is left is to determine is the probe buffer’s input-referred voltage noise.

Figure C.4 shows the probe buffer’s half-circuit from which we can calculate
its input-referred voltage noise. The probe buffer’s input-referred voltage noise is

double this quantity, which is

AkTga | AKT500

02 =9
o (agm)? A2

(C.11)

Here, a is the attenuation due to the capacitive voltage divider at the input, g, is

the transconductance, and g4y is the peak value of the drain to source conductance.
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These three quantities are readily found from simulations of the probe buffer. Using
(C.11) in (C.10) gives

F3—1 1 'Ug

Fm:Ga Fmeer_F_ - )
LT ' GaGas kT100Q(A;Ap,)?

(C.12)

which shows how to calculate the mixer’s noise figure from the noise figure meter’s

reading.
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Appendix D

A Formal Treatment of PLL

Fundamentals

We begin this appendix with Figure 6.1, and we end with Figure 6.2. Our goal is to
show explicitly the mathematics relating these two figures. In §6.1 we expressed the

PLL’s input signal, v;(¢). Now, we do the same for the PLL’s phase-locked signal:

vo(t) = Aocos(/_ X (ve(u))du + ¢,) + Bo,. (D.1)

It too is a sinusoid with amplitude A, and DC level B,, but the angle of the sinusoid is
described by the VCO’s oscillation frequency-versus-control voltage behavior, X (v.),
and an initial phase ¢, at ¢ = —oo. Because of the integral in (D.1), the angle
depends on the history of the control voltage applied to the VCO. An alternate way
to describe (D.1) is that it represents frequency modulation (FM) by v.(t), as it
should, since a VCO can be used as an FM modulator [40].

The phase detector pictured in Figure 6.1 can be continuous time or sampled in
nature. For the case of a sampled phase detector, we must invoke an assumption
that the loop’s bandwidth is small compared to the input frequency. Figure 6.1 is
redrawn in Figure D.1 with Figure 6.1’s phase detector broken into a phase detector
and a filter. The filter in Figure D.1 will ensure that the narrow loop bandwidth

criterion is met. The end result is a phase detector characteristic, Y (6.), whose
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(t t t
M PD | Filter Vel) @7\/0()

4 VCO

Figure D.1: PLL loop filter

output voltage or current, in the case of a charge-pump PLL, is a function of phase

error, the difference in phase between the two inputs.

At this point, we have a function, X (v.), describing the VCO and a function,
Y (6.), describing the phase detector. In general, these two blocks, and hence X and
Y, can be nonlinear, increasing the PLL’s analytic complexity. However, when the
loop is in lock (i.e., the output phase tracks the input phase), the phase errors are
small. Small phase errors allow the linearization of the VCO and phase detector
about the lock point. The VCO’s locked control voltage is designated by v; and the
phase detector’s locked phase error is designated by ;. Linearizing X (v.) about v,

gives
X(Uc) ~ X(Ul) + Ko(vc - Ul) = Q, + K,Av,, (D2)

where X (v;) is referred to as the VCQO'’s free-running frequency, €,, and K, is X'(v;),

which is the VCO’s gain constant. The prime indicates a derivative (e.g., ' = % in
this case). Equation (D.1) can now be written as
¢
Vo = Aycos(Qt + Ko/ Av(u)du + ¢)) + Bo, (D.3)

where ¢! is a new arbitrary constant. Similarly, linearizing Y (6,) about 6; gives
Y(0e) = Y (61) + Ka(fe — 61), (D.4)

where K, is Y'(6;), which is the phase detector’s gain constant.
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We are now in a position to add an input phase signal, ®;(¢), to v;(t), and examine

the loop in lock:
v;(t) = A;jcos(wit + ¢; + ®4(t)) + B. (D.5)

The first condition to note is that if the loop is locked, €, = w;. Next, let us
designate the remaining time-varying phase, K, fjoo Ave(u)du, with ®,(t) so that

vo(t) = Aocos(Qot + Bo(t) + @) + Bo. (D.6)

The effect of ®;(¢) on the VCO’s control voltage is to perturb it from its locked

value, v;. Using (D.4), we can quantify the voltage perturbation as
Av(t) = Kq(0.(t) — ). (D.7)

To make this discussion explicitly clear, 0.(t) = 0;(t) — 6,(t), where 6;(t) = w;t +
(ﬁz’ + ‘I’, (t) and 00(t) = Qot + (I)o(t) + Cbi;

At the time of lock, #;, Q, = w; and 6.(t;) = 6;. Using these two conditions at ¢;

gives
01 = ¢ + Bi(ts) — (o(t1) + 85)- (D-8)

Equation (D.8) indicates that the PLL imposes a certain phase relationship between
the input signal and phase-locked signal at lock. Once this relationship is established

Ave(t) = Ka(®i(t) — ®i(t) — (Bo(t) — Bo(t1)))- (D.9)

In this expression, the arbitrary constants ¢; and ¢/ have disappeared. By defining

two new variables that are valid in lock,

Pi(t) = @4(t) — 2i(ts) (D.10)
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and
B (£) = By (t) — Bo(ts) = K, /t, " Avg(w)du, (D.11)

(D.9) can be written as
Avelt) = Kaf®(2) - (1)), (D.12)

Finally, we are at a point to construct the LTI block diagram for a locked PLL.
By combining the Laplace transforms of (D.9) and (D.11), Figure 6.2 is produced

with (6.2) as its closed-loop phase transfer function.



Appendix E

Static-current Mismatch in the

Charge Pump

There is a current imbalance between the loop filter nodes due to random mismatches
in the bias circuitry of Figure 7.6. In this appendix, we quantify the magnitude of

the static-current mismatch, using 3o statistics.

For the purposes of this calculation, Figure 7.6 can be partitioned into Figure E.1
and Figure E.2. Figure E.1 assumes that the loop filter nodes have the same volt-
age!. In Figure E.1, I;p and I,p are random variables with a mean of %T and a
variance of a%. The difference between I;p and Isp, Iyp, is a random variable that
captures the current imbalance due to the PMOS current-source loads. It has zero
mean and a variance equal to 20%. The situation is slightly different in Figure E.2,
because instead of having two independent current sources we have a correlated dif-
ferential pair. In this case, our two random variables, I,y and Iy, always add to

I7. Therefore, to reflect this dependence,

I
Iiy = 7T +X (E.1)

! This assumption is justified by the large capacitance at these nodes due to the loop filter, and
allows us to focus on the current imbalance between these nodes.
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and

I
Loy = % - X, (E.2)

where X is a random variable with zero mean and a variance of o%. The difference
current, Iy, is 2X, thus it also has zero mean, but its variance is 40%. The net

mismatch, Iy, is the difference of Ip;p and Iy, with variance
o3 = 20% + 4o (E.3)

Using 30 design rules, the maximum static current, I, that must be tolerated in the

charge pump is
Is == 30’M. (E4)

Using equations from [41], we can write

12 4A2
2 T Vvro 2
i 4WpLp [ Vépp i k] (E:5)
and
12 4A2
=T VIO 4 AR E.6

where Ay7y is the area proportionality constant for the threshold voltage, Vopp
and Vppn are the respective overdrive voltages on the devices, and Ay is the area
proportionality constant for the current factor. Ayry and Ay are determined by the
process’s nominal gate oxide. Substituting (E.5) and (E.6) into (E.3), and combining
this new expression with (E.4) yields

[otr] 6 40, + A7) + 12 (44, + A7) . (E.7)
T4 |WeLp \ V2pp k WnIn \ VZpy k

Table E.1 shows the parameters that influence the mismatch current and their values

for this design. The 3o static current, I, is also evaluated in it.
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-~ e

o o

Figure E.1: Bias circuitry’s current-source loads

Figure E.2: Bias circuitry’s differential pair

Table E.1: Static-current mismatch parameters

IT 8/,LA
WP 10/,LII1
Lp dum
Wn dSum
Ly 20pm
Vobp 350mV
Vopn 450mV
A VTO 10mV,um
Ay, 3%pum

I, 220nA
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